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Abstract
This dissertation addresses the design of monolithically integrated phase shifters at S- and Lfrequency bands using a commercially available GaAs process from Triquint. The focus of the
design is to operate over a wide bandwidth with full 360° phase shift capability, 50 Ω input/output
impedance match and low RMS phase and gain errors. The first version of the design is based on
passive all-pass phase shifters integrated with wideband amplifiers to compensate for insertion
loss. This design uses a 4-bit system to achieve the required phase shift and each bit consists of 3
sections of all-pass filters designed at separate frequencies within the 0.8 – 3 GHz band. Simulation
results show a complete 360° phase shift with RMS gain error of less than 0.6 dB and RMS phase
error of less than 2.5°. The system is also shown to achieve good input and output impedance
matching characteristics. However, the fabricated prototype fails to perform with full functionality
due to the excessive number of passive inductors in the design and the resulting mutual coupling.
The mutual coupling issue could be solved by spacing out the layout to allow more separation
among the inductors. Unfortunately, in the S- and L-bands, this is not an option for this research
work as the fabricated design already uses the maximum allowed chip size as determined by the
foundry. In addition, larger chip sizes considerably increase the cost in practical applications. To
address the challenging needs of small size, wide bandwidth and low frequency applicability, the
second design introduced in this dissertation proposes a novel phase shifter implementation that
utilizes tunable active differential inductors within all-pass networks. The inductor tuning is used
to achieve phase shifts up to 180⁰. A switchable active balanced to unbalanced transition circuit
(balun) is included in front of the all-pass network to complement its phase shift capability by
viii

another 180°. In addition, the all-pass network is followed by a variable gain amplifier (VGA) to
correct for gain variations among the phase shifting states and act as an output buffer. Although
active inductors have been previously used in the design of various components, to the best of our
knowledge, this is the first time that they have been used in an all-pass phase shifter. The approach
is demonstrated with an on-chip design and implementation exhibiting wideband performance for
S and L band applications by utilizing the 0.5 µm TriQuint pHEMT GaAs MMIC process.
Specifically, the presented phase shifter exhibits 1 × 3.95 mm2 die area and operates within the 1.5
GHz to 3 GHz band (i.e. 2:1 bandwidth) with 10 dB gain, less than 1.5 dB RMS gain error and
less than 9° RMS phase error. Comparison with the state-of-the-art MMIC phase shifters operating
in S and L bands demonstrates that the presented phase shifter exhibits a remarkable bandwidth
performance from a very compact footprint with low power consumption. Consequently, it
presents an important alternative for implementation of wideband phase shifters where all-passive
implementations will consume expensive die real estate.

ix

Chapter 1:
Introduction
1.1 Overview
A phased array is a group of antennas which act as a single antenna unit and allow the
transmission or reception of an electronic signal in a specific direction (Beam-steering) by
adjusting its effective radiation pattern while suppressing signals from undesired directions. The
shape of the radiated pattern (Beam- Forming) can also be achieved by changing the signal
amplitude in each antenna [1.1]. Combining the signals coherently also improves the signal to
beam steering methods, the first being the mechanically rotating reflectors shown in Figure 1(a)

Figure 1-1. Array antenna systems: (a) mechanically steered, rotating reflector
array and (b) electrically steered, fixed phased-array
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noise ratio (SNR) of the system compared to a single antenna element. There exist two main beam
steering methods, the first being the mechanically rotating reflectors shown in Figure 1(a) [1.2,
1.3] where the reflective surface is moved to change the angle of the beam and the second being
the electronically beam steering phased array where beam steering is achieved by changing the
phase of the signal on each antenna in the array as shown in Figure 1(b) [1.2, 1.3].
Phased array systems provide several advantages over mechanical radars since phased arrays
can transmit multiple beams simultaneously while place a null in the direction of undesired signals
such as jammers. These array systems can be one, two or three dimensional, and have a planar or
conformal surface. In the case of a passive phased array (does not include any active devices
providing gain to the system), the individual antenna elements consist of a T/R module which is a
cascade of a phase-shifter and an attenuator where each element is individually adjusted to steer
the beam. For the best performance of the phase array it is necessary to improve system noise
figure as well as transmitter output power which can be achieved by using an active T/R module
which has both a low noise and high power amplifier located inside it and can be used to
compensate the losses of the feed network.
In the past, phased array systems were mainly used for military and government applications
such as Search and Detection, Target Tracking, Missile Guidance, Air Mapping Systems and
Ground and Battle field Surveillance [1.4]. Recently, phased array systems are being introduced
for mobile cellular communications, automotive radar, Wi-Fi/Wimax networks as well as
navigation and air traffic control [1.5, 1.6]. Figure 1-2 shows an example of implementation of
phased array systems in mobile cellular networks which allows for an increase number of users to
share the same available network [1.6]. It works by focusing energy in the desired direction thus
minimizing energy toward other directions and satisfying transmit power requirements.
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Figure 1-2. Beamforming in cellular wireless communication network

Some examples for civilian use of phased array systems is shown in Figure 1-3 [1.6]. Significant
improvement in lead time for severe weather is made possible by rapid scan capabilities of phased
arrays decrease warning times associated with extreme weather events. Phased-arrays also make
it possible to more quickly accomplish aircraft surveillance tasks leading to more efficient air
traffic controls. Phased-arrays systems can also be used to diagnose air quality at a level needed to
track airborne biological, radiological, chemical and nuclear contaminants in the atmosphere.

3

Figure 1-3. Phased-array applications in civilian sectors

Early phased array systems were developed exclusively using off the shelf components with a
hybrid-design concept that includes printed circuit board components such as microstrip traces and
strip lines as well as passive components combined with microwave integrated circuits resulting
in not only high cost but also resulted in large bulky systems that consumed a lot of power [1.7].
Recently, commercial applications have become more feasible from a cost standpoint due to the
maturity of technology of integrated circuits. This makes it possible to integrate the entire RF T/R
chain into a single monolithic microwave integrated circuit or module thereby reducing the cost as
well as size weight and power (SWaP) of the phased array system [1.8]. Leveraging the maturity
of integrated circuits, low cost, highly reliable phase array systems can now be designed and
implemented for both military as well as commercial applications.
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In the design of phased array systems, the phase shifter is the most essential element and is also
the most difficult to design, especially when integrated on a single chip. Considering chip
integration, the phase shifter represents a considerable portion of the overall system cost [1.3] and
while the demand for phased array systems has been dominated by military applications that can
absorb this cost, many commercial applications have recently emerged as discussed previously. In
the case of on-chip integration, small circuits are favorable concerning costs and depending on the
frequency of operation, different design techniques for the phase shifter should be considered. At
lower Rf frequencies such as S- and L- band applications, some passive phase shifters require large
inductors which consume a lot of chip real estate requiring alternative design approach. Some of
the performance constraints and requirements for robust phase shifter design are 360° phase shift,
adequate bandwidth, small size, low power consumption, low RMS phase and gain error, adequate
linearity and unconditional stability. To meet these specifications at different frequencies, both
active (provides gain to system) and passive phase shifters have been designed including reflective
type phase shifter, tuned transmission lines, vector modulator type and switch filter. These types
of phase shifters and more are briefly discussed in the next section.
1.2 Brief Review of Previous Work
Using coupled transmission-line elements, B.M. Schiffman [1.9], in the 1950’s demonstrated
the concept of broadband microwave phase shifters by designing a matched differential phase
shifter. Several improvements based on the Schiffman method were subsequently reported during
the years [1.10] – [1.18]. The Schiffman method consists of the use of parallel coupled
transmission lines with one being the reference path and the other providing the required phase
shift, determined by the length of the transmission line. In [1.10], improvements to the Schiffman
original approach was obtained by using new forms of multi-section coupled lines.
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The

requirement of very narrow gaps between the lines provided to be troublesome using printed circuit
board (PCB) technology. Reference [1.11] used a multi-section Schiffman phase shifter to achieve
more than 90% bandwidth with very small phase ripple and good return loss. Again here, PCB
fabrication technology limited the applicability of the design since it also required very narrow
gaps as well as high impedance lines. The approach in [1.15] used a Schiffman phase shifter
together with a network of switches implemented as transmission lines, to achieve broadband
performance for 90° and 180° phase shifters at 3 GHz. A similar approach was used in [1.16]
where a broadband 180° phase shifter was designed. This design used a different approach for the
design of the switching network and included the use of coupled lines and parallel open and short
circuit stubs. Measured performance showed a return loss of 14 dB with maximum phase deviation
of 5° from 1.5 to 4.5 GHz. In [1.18] the use of open circuit and short circuit multi-section stubs
presented a new approach to the design of a 45° phase shifter. The proposed design was much
smaller in size with better bandwidth performance than its predecessors. Despite this smaller size,
the use of passive components makes in impractical for chip integrations as the size would be
excessively large.
The design of switched line, reflection type, loaded line and high-pass low-pass phase shifters
using PIN diodes as switches was reported in [1.20]. In [1.21], improved bandwidth and larger
phase shifts of these types of phase shifters was reported. Here, both constant phase shift as well
as constant time delay performance was improved by eliminating resonance effects which
negatively affect both amplitude and phase response. A reflection type 180° phase shifter was
proposed in [1-24] that used both series and parallel LC circuits as well as a 3 dB Lange coupler.
The design was implemented as a MMIC with a 180° phase shift from 0.5 to 30 GHz. The work
reported in [1.25] used lumped element all-pass filters to design a C-band 5 bit MMIC. In [1.26],
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a series cascade of all-pass filters is used to develop a full 360° MMIC phase shifter by
implementing thin film BST varactors, resulting in a low cost compact phase shifter. The authors
in [1.28] presented a unique method of designing broadband phase shifters using networks of
unbalanced all-pass filters in combination with single-pole double-throw switches (SPDT).
Cascading two or more of these networks provided phase shifts with single- and multi- octave
bandwidth. All-pass networks are suitable for RF applications at lower frequency bands since the
transition frequency of the all-pass network can be at a higher frequency of operation. This in turn,
results in smaller passive components especially for inductors which for MMIC applications
translated into small chip area. The initial design in this dissertation is based on this design
technique while the second part uses the initial design criteria to establish a baseline for the final
active phase shifter design. More details on the design of passive all-pass phase shifter is presented
in Chapter 3.
Various analog techniques using vector summation have recently been reported [1.29] – [1.35].
This technique achieves the desired phase shift by varying the amplitude of I/Q signals using
variable gain amplifiers or attenuators. This approach lends itself quite suitable to integrated
circuit applications because of its limited use of bulky passive components. At lower RF
frequencies such as S- and L- band the necessary requirement for the generation of I/Q signals
results in bulky R-C based lumped passive quadrature networks using either RC-CR or R-C
polyphase filters which also have very limited bandwidth [1.29].
1.3 Motivation and Organization of the Dissertation
Studies and research on phase shifters generally focus on achieving high phase shift resolution
with minimal phase error as well as low gain variation between the different phase states in as
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wide a bandwidth as possible all while being as small as possible to minimize cost (chip real
estate).
The purpose of this research is to improve on the design of broadband all pass phase shifters in
the L- and S- frequency range and implement this in integrated circuit form in an effort to decrease
the size of the phase shifters while providing minimal phase and amplitude errors for phase shifts
from 0° to 360°. All design will be implemented in a 0.5 µm GaAs pHEMT process with both
enhancement and depletion mode transistors. The challenge here is to realize a phase shifter
capable of providing 360° phase shift with good performance metrics while occupying a small
chip size which can be a problem at the lower S- and L- band frequencies. Using techniques
implemented in both board level and integrated circuit designs two design approaches are
introduced. The first consists of the design of passive all-pass phase shifters and wideband
amplifiers implemented in a 4-bit system with each bit consisting of 3 separate sections of all-pass
filters to achieve a full 360° phase shift. The second design technique uses a different approach to
the first. Here, an active tunable inductor together with a broadband active balun and variable gain
amplifier is designed to achieve a similar function to the passive all-pass network of the first design
resulting in a very compact and tunable phase shifter capable of achieving 360° phase shift with
good input and output match and low RMS gain and phase error and occupying ¼ chip size of first
design.
The main achievements of this work include:
•

A 1.5 GHz to 3 GHz wideband active balun/180° phase shifter with switchable outputs and
stable input match. It has a gain error of less than 0.3 dB and phase error of less than 2°
across the entire frequency range. Design implemented in 0.5 µm GaAs process.
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•

Wideband 1.5 GHz to 3 GHz two stage variable gain amplifier/buffer using switchable
resistor network for gain variation from 10 dB to 15 dB at mid-band with stable output
match. Design also implemented in 0.5 µm GaAs process.

•

Novel all-pass phase shifter using active tunable inductor to achieve tunable phase shift up
to 180° with a single stage at s- and L- band and occupying ¼ chip size of a similar phase
shifter using passive components to achieve similar functions. Design was also
implemented in 0.5 µm GaAs process.

•

A complete S- and L- band phase shifter capable of achieving full 360° phase shift using
components listed above with a chip size 0f 2.7 x 4.5 mm2 including all bias lines and
bondpads. Measured results show a gain of 10 dB, RMS phase error < 9, RMS gain error
< 1.5, power consumption of 78 mW, P1dB of 12 dBm at mid-band and fractional
bandwidth of 67%.

•

All designs described about use techniques that can easily be implemented in cheaper
silicon process.

The dissertation consists of 6 chapters. Chapter 2 covers phase shifter fundamentals that include
a basic explanation of phase shifter, phase shifter architectures and performance requirements.
Having discussed the different phase shifter architectures, the passive all-pass architecture was
selected as the best choice for the current application because of its inherent match to 50 Ω and
wideband performance. Chapter 3 then goes into more details about broad-band all-pass phase
shifter design, discussing the all-pass filter design theory and its implementation in the design of
phase shifters. It then details the design of a broadband all-pass passive phase shifter implemented
in 0.5 µm GaAs process. However, the fabricated prototype fails to perform with full functionality
due to the excessive number of passive inductors in the design and the resulting mutual coupling.
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The mutual coupling issue could be solved by spacing out the layout to allow more separation
among the inductors. Unfortunately, in the S- and L-bands, this is not an option for this research
work as the fabricated design already uses the maximum allowed chip size as determined by the
foundry. Chapter 4 details a different approach to the problem and goes into details on the design
of active inductors using gyrator networks. Detailed design techniques are presented into the
design of a floating active inductor. Chapter 5 implements the active inductor designed in the
previous chapter into an active all-pass phase shifter using the same knowledge presented in
chapter 3 for the design of broadband phase shifters. The conclusions and recommendations are
then discussed in Chapter 6.
1.4 Technology Overview
The technology utilized for the circuits developed in this work was provided by Triquint
(Qorvo). The TQPED GaAs process is a 150mm, 0.5 μm, pHEMT process with both depletion and
enhancement mode pHEMTs. This process is targeted for high efficiency and linearity in power
amplifier, high linearity and low loss in RF switch, low noise in low-noise amplifier applications.
The standard TQPED process offers a D-Mode pHEMT with a –0.8 V pinch off and an E-Mode
pHEMT with a Vp of +350 mV. The three metal interconnecting layers are encapsulated in a high
performance dielectric that allows wiring flexibility, optimized die size and plastic packaging
simplicity. Precision NiCr resistors and high value MIM capacitors are included allowing higher
levels of integration, while maintaining smaller, cost effective die sizes.
1.5 References
[1.1] H. L. Van Trees, Optimum Array Processing. Part IV of Detection, Estimations, and
Modulation Theory. Wiley New York, NY, 200
[1.2] V. F. Fusco, “Mechanical Beam Scanning Reflectarray,” IEEE Trans. Antennas and
Propagation, vol. 11, no. 53, pp. 3842–3844, Nov. 2005.

10

[1.3] Federal Research and Development Needs and Priorities for Phased Array Radar
(FCMR25-2006). Report from Office of the Federal Coordinator for Meteorological Services and
Supporting Research (OFCM), 2006.
[1.4] D. Parker and D. C. Zimmermann, "Phased arrays-part II: implementations, applications,
and future trends," IEEE Trans. Microw.Theory Techn., vol. 50, pp. 688-698, 2002.
[1.5] A. Hottinen, M. Kuusela, K. Hugl, J. Zhang, and B. Raghothaman, “Industrial embrace
ofsmart antennas and MIMO,” IEEE Wireless communications, vol. 13, no. 4, pp. 8–16,
Aug.2006.
[1.6] A. Alexiou and M. Haardt, “Smart antenna technologies for future wireless systems:
trendsand challenges,” IEEE communications Magazine, vol. 42, no. 9, pp. 90–97, Sep. 2004.
[1.7] A. J. Fenn, D. H. Temme,W. P. Delaney, andW. E. Courtney, “The Development of
Phased-Array Radar Technology,” Lincoln Laboratory Journal, vol. 12, no. 2, pp. 321–339, 2002
[1.8] FCM-R25-2006, “Federal research and development needs and priorities for phased array
radar”, available online at: http://www.ofcm.gov/r25-mpar/fcm-r25.Html
[1.9] B. Schiffman, “A New Class of Broadband Microwave 90-degree Phase Shifter,” IRE
Trans. Microw. Theory Tech., vol. MTT-6, no. 4, pp. 232-237, Apr. 1958.
[1.10] B. Schiek and J. Kohler, “A Method for Broad-Band Matching of Microstrip Differential
Phase Shifters,” IEEE Trans. Microw. Theory Tech., vol. MTT-25, no.8, pp. 666-671, Aug.
1977.
[1.11] J. L. P. Quirarte and J. P. Starski, “Synthesis of Schiffman Phase Shifters,” IEEE Trans.
Microw. Theory Tech., vol. 39, no. 11, pp. 1885-1889, Nov. 1991.
[1.12] J. Quirarte and J. Starski, “Novel Schiffman Phase Shifters,” IEEE Trans. Microw. Theory
Tech., vol. 41, no. 1, pp. 9-14, Jan. 1993.
[1.13] W. J. Brown and J. P. Starski, “A Broad-Band Differential Phase Shifter of Novel
Design,” in IEEE MTT-S Int. Microw. Symp. Dig., vol. 3, pp. 1319-1322, 1999.
[1.14] V. P. Meschanov, I. V. Metelnikova, V. D. Tupkin, G. G. Chumaevskaya, “A New
Structure of Microwave Ultrawide-Band Differential Phase Shifter,” IEEE Transactions on
Microwave Theory and Techniques, vol. 42, no. 5, May 1994.
[1.15] S. Y. Eom, S. I. Jeon, J. S. Chae, and J. G. Yook, “Broadband 180º Bit Phase Shifter
Using a New Switched Network,” in IEEE MTT-S Int. Microw. Symp. Dig., vol. 1, pp. 39-42,
June 2003.

11

[1.16] Soon-Young Eom, “Broadband 180º Bit Phase Shifter Using
/ 2 Coupled Line and
Parallel
/8 Stubs,” IEEE Microwave and Wireless Components Letters, vol. 14, no. 5, May
2004.
[1.17] Y. Guo, Z. Zhang, and L. Ong, “Improved Wideband Schiffman Phase Shifter,” IEEE
Trans. Microw. Theory Tech., vol. 54, no. 3, pp. 1196-1200, Mar. 2006.
[1.18] S. Y. Zheng, S. H. Yeung, W. S. Chan, K. F. Man and S. H. Leung, “Improved Broadband
Dumb-Bell-Shaped Phase Shifter Using Multi Section Stubs,” Electronics Letters, vol. 44, no. 7,
pp. 478-480, Mar. 2008.
[1.19] Amin M. Abbosh, “Ultra-Wideband Phase Shifters,” IEEE Trans. Microw. Theory Tech.,
vol. 55, no. 9, pp. 1935-1941, Sep. 2007.
[1.20] Garver R., V., “Broad-Band Diode Phase Shifters,” IEEE Transactions on Microwave
Theory and Techniques, vol. MTT-20, no. 5, pp. 314-323, May 1972.
[1.21] Guy D. Lynes, “Ultra Broadband Phase Shifters,” Microwave Symposium Digest, G-MTT
International, vol. 73, pp. 104-106, Jun 1973.
[1.22] E. Menzel, B. Shiek, A. Gronefeld, “Broadband Phase Shifters Using RC-AllpassNetworks and Active Balun Circuits,” European Microwave Conference, pp. 397-402 Oct. 1988.
[1.23] K. Hajek, J. Sedlacek and B. Sviezeny, “New Circuits for Realization of the 1st and 2nd
Order All-Pass LC Filters with a Better Technological Feasibility,” 2002 IEEE, vol. 3, pp. 523526.
[1.24] K. Miyaguchi, M. Hieda, K. Nakahara, H. Kurusu, M. Nii, M. Kasahara, T. Takagi, “An
Ultra Broad Band Reflection Type 180º Phase Shifter with Series and Parallel LC Circuits,”
2001 IEEE MTT-S Int. Micr. Symp. Dig, vol. 1, pp. 237-240.
[1.25] K. Miyaguchi, M. Hieda, M. Hangai, T. Nishino, N. Yunoue, Y. Sasaki and M. Miyazaki,
“An Ultra Compact C-Band 5 bit MMIC Phase Shifter Based on All-Pass Network,” in
Proceedings of the 1st European Microwave Integrated Circuits Conference, pp. 277-280,
September 2006, Manchester UK.
[1.26] L.-Y. V. Chen, R. Forse, A. H. Cardona, T. C. Watson, R. York, “Compact Analog Phase
Shifters using Thin-Film (Ba,Sr) Varactors,” Microwave Symp. 2007, IEEE MTT-S, pp. 667670, June 2007.
[1.27] D. Kholodnyak, E. Serebryakova, I. Vendik, O. Vendik, “Broadband Digital Phase Shifter
Based on Switchable Right- and Left-Handed Transmission Line Sections,” IEEE Microwave
and Wireless Components Letters, Vol. 16, No. 5, pp. 258-260, May 2006.
[1.28] D. Adler and R. Popovich, “Broadband Switched-Bit Phase Shifter Using All-Pass
Networks,” 1991 IEEE MTT-S Int. Microwave Symp. Dig., vol. 1, pp. 265- 268, July 1991.
12

[1.29] K.-J. Koh and G. M. Rebeiz, “0.13-μm CMOS phase shifters for X-, Ku-and K-band
phased arrays,” IEEE J. Solid-State Circuits, vol. 42, no. 11, pp. 2535–2546, Nov. 2007
[1.30] Y. Zheng and C. E. Saavedra, “Full 360° vector-sum phase-shifter for microwave system
applications,” IEEE Trans. Circuits Syst. I, Reg. Papers, vol. 57, no. 4, pp. 752–758, Apr. 2010.
[1.31] A. Asoodeh and M. Atarodi, “A full 360° vector-sum phase shifter with very low RMS
phase error over a wide bandwidth,” IEEE Trans. Microw. Theory Techn., vol. 60, no. 6, pp.
1626–1634, Jun. 2012.
[1.32] S. P. Sah, X. Yu, and D. Heo, “Design and analysis of a wideband 15–35-GHz quadrature
phase shifter with inductive loading,” IEEE Trans. Microw. Theory Techn., vol. 61, no. 8, pp.
3024–3033, Aug. 2013
[1.33] H. Zijie and K. Mouthaan, “A 0.5–6 GHz 360° vector-sum phase shifter in 0.13-μm
CMOS,” in IEEE MTT-S Int. Microw. Symp. Dig., Jun. 2014, pp. 1–3
[1.34] Y. Kim, S. Kim, I. Lee, M. Urteaga, and S. Jeon, “A 220–320-GHz vector-sum phase shifter
using single Gilbert-cell structure with lossy output matching,” IEEE Trans. Microw. Theory
Techn., vol. 63, no. 1, pp. 256–265, Jan. 2015.
[1.35] C. Quan, S. Heo, M. Urteaga, and M. Kim, “A 275 GHz active vector sum phase shifter,”
IEEE Microw. Wireless Compon. Lett., vol. 25, no. 2, pp. 127–129, Feb. 2015.

13

Chapter 2:
Phase Shifter Fundamentals
2.1 Introduction
Phase shifters, in a simple way, can be described as a two-port device that changes the phase of
the input signal with minimal amount of attenuation. In reality, phase shifters will have some
amount of attenuation associated with the phase shift. This will depend on the type of phase shifter
used, being either active or passive. Figure 1 shows a general two port network functioning as a
phase shifter [2.1]. The output signal at port 2 is a combination of the input signal V1 with the
additional phase shift denoted by e-jθ with the phase shift being θ. In this ideal case, the signal
does not experience any gain attenuation.

Figure 2-1. Block diagram of a phase shifter
The scattering matrix for the ideal two port phase shifter is given by:
𝑏
0
( 1 ) = ( −𝑗𝜃
𝑏2
𝑒

𝑒 −𝑗𝜃 ) . (𝑎1 )
𝑎2
0
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(2.1)

The insertion phase of the signal is the phase of S21 and the phase shift always has to be referenced
to an initial state or it is meaningless and the phase shift of the signal will always be in comparison
to the reference state. The phase shift ranges from 0⁰ to 360⁰ for complete rotation.
In practical applications insertion loss (or gain) will be experienced by the signal. The loss in
dB is again derived from the scattering parameters as:
𝐼𝐿(𝑑𝐵) = 20 log10 |𝑆21 |

(2.2)

In the design of phase shifters, phase performance is generally related to the insertion loss and
used as a figure of merit when describing the performance. Insertion loss can be overcome with
additional amplification in applications such as military radar where both phase and gain error are
very important but comes at the cost of increased power consumption. In other systems such as
automotive radar, a trade-off with power consumption can be made. In general, some of the most
critical parameters of phase shifters are 360⁰ phase shifting capability, insertion loss, amplitude
variation, third-order intercept point (IP3), return loss, linearity of control function, power
consumption and chip size for IC applications. Insertion loss is largely driven by the number of
stages necessary to achieve a certain bandwidth as well as the topology used. Amplitude variation
relates to phase shift and is the variation in insertion loss for different phase shift values. IP3 is a
measure of linearity for the phase shifter while return loss shows how good of a match the
input/output of the phase shifter is, typically in reference to 50Ω. Return loss plays a less important
role for phase shifters implemented on chip as part of a system where its input/output are not
directly interfacing with the 50 Ω outside world. Linearity of control function is the relationship
between the control voltage and the corresponding phase shift values. Ideally this would be a
linear relationship for passive phase shifters but is usually non-linear for active devices as
transistor change states from cutoff to saturation.
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2.2 Types of Phase Shifters
Phase shifter may be analog or digital depending on the type of control that sets the different
phase states. These can be either electric or mechanical control, based on the tuning mechanism
used. Electronic phase shifters use electronic components to control the phase response. These
include voltages and currents and have a much faster response than mechanical methods [2.1].
Mechanical phase shifters on the other hand are generally constructed using transmission lines
structures in combination with some means of manual tuning to achieve the desired phase shift
response.
Electronic phase shifters can be put into two major categories based on how they are controlled.
Digital phase shifters are only able to achieve discreet phase shift values that depend on the
resolution or number of bits and are controlled by set voltages. The idea behind digital phase
shifters is to switch the signal between some reference path and some desired phase shift path with
the phase shift being the difference. These require only digital voltages to control the switching
paths which are usually done using electronic switches such as transistors or diodes. There are
several ways of creating a phase shift bit using this approach. Continuous phase shifters vary the
phase in a continuous manner and are capable of achieving any desired phase shift value within
the tuning range with the appropriate applied tuning voltage. Continuous phase shifters are very
popular especially for on-chip applications and are capable of achieving 360⁰ phase shift. The
control voltages for these types of phase shifters are usually implemented using multibit DAC for
greater accuracy and ease of calibration. The discussion from this point onward will only include
electronic phase shifters, both digital and continuous.
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2.2.1 Switched Line Phase Shifter
The Switch Line Phase Shifter uses different line lengths as alternate the signal paths controlled
by switches as shown in Figure 2 [2.2]. The difference in time delay between the two paths
accounts for the phase shift where the time delay (in seconds) for a given line of length Lo is 𝜏𝐷 =
2𝜋𝐿𝑜
𝜐𝑝

. The phase shift (in degrees) can be derived from the line length difference between the

reference and modified lines. Given a difference in length ΔL, the time delay becomes Δ𝜏𝐷 =

2𝜋Δ𝐿
𝜐𝑝

where 𝜐𝑝 is the phase velocity.

Figure 2-2. Switch-line phase shifter
One of the major advantages of switched line phase shifters is that the phase shift is wideband
which avoids or minimizes bean squinting in wideband arrays. For low GHz applications, this
architecture is quite bulky and suffers from variations in attenuation between the two paths because
of the varying line lengths. Loss can become significant and therefore not ideal for applications
that require SWaP (size, weight and power) performance.
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2.2.2 Reflection Type Phase Shifter
Reflection type phase shifter use the directional properties of a 3-dB hybrid coupler (Fig 2-3a)
or of a circulator (Figure 2-3b) [2.3]. In the 3dB 90º hybrid coupler the power incident at the
excitation port gets divided evenly to thru port and coupled port with 90° phase difference. Based
on the state of the switch, the two parts are either reflected back and recombine at the output port
or travel on the l/2 transmission line and are reflected back having travelled an additional l/2 length
before being recombined. Since the total traveled length is l, the time delay that the signal is subject
to is provided by 𝜏𝐷 =

2𝜋𝐿𝑜
𝜐𝑝

. Either PIN diode or FET switching may be used for digital phase shift

operation. A reflection type phase shifter with a very compact termination circuit is reported in
[2.4].

Figure 2-3. Reflection type phase shifter (a) hybrid, (b) circulator
2.2.3 Loaded Line Phase Shifter
In loaded line phase shifters, instead of using varying line lengths to achieve the phase shift as
in the previous two techniques, phase difference is created by changing the propagation
characteristics of the transmission line by switching between shunt susceptance or series reactance
as it is seen in Figures 2-4.a and 2-4.b [2.1]. This is done by manipulating the characteristics of the
transmission line which are composed of a quarter wavelength transmission line with both ends
terminated by either an inductive or capacitive load. The drawback with the use of quarter
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wavelength lines is that it limits the useful bandwidth of this design. As the phase shift values
increase, quality of the input match degrades so it is not applicable for requirements that call for
large phase shifts or large bandwidth.

Figure 2-4. Loaded-line phase shifter

2.2.4 High/Low Pass and All Pass Phase Shifter
A high pass passive network in parallel with low pass network (HPF-LPF) (Fig. 2-6)[2.4] as
well as two parallel all pass filter networks (APF) (Fig 2-7) [2.5] can be used to design phase
shifters which are based on filter networks and are popular switching phase shifter topologies with
similar operation principles. This type of phase shifter uses circuits which only require “digital”
control voltages used to control SPDT switches to switch between two paths, these being the high
pass path and the low pass path or between all pass filters path as shown in Figure 2-5. One path
becomes the reference path and the other the phase shift path. The desired phase shift is the phase
difference between the reference and phase path. High pass filters provide a phase advance, while
the opposite can be said for the low pass filter, giving a phase delay. Both HPF-LPF and APF
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topologies exhibit good return loss characteristic which allows for easy tuning over the desired
phase shift performance. Overall insertion loss and chip size increase with increasing phase shift
resolution as these require more networks in cascade. This architecture has been implemented on
chip because of its small size and flat phase response at high frequencies (> 5 GHz) but become
bulky at lower frequencies which require higher values of inductors in implementing the filters.

Figure 2-5. Phase shifter with switching elements

Figure 2-6. High pass/low-pass network
2.2.5 Vector Modulators
All the phase shifters described previously can be classified as digital since these only provide
discrete phase states. Continuous phase shifters may be attractive for on-chip applications that
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require a full 360⁰ phase shift with high resolution. The control voltages for these types of phase
shifters are usually implemented using multibit DAC for greater accuracy and ease of calibration.
Vector Modulators (Fig. 2-7a) form a continuous type of phase shifter capable of achieving 360⁰
phase shift [2.6] – [2.7]. Also called a phase interpolation phase shifter, it functions by splitting
the input signal into two equal amplitude signals that are ideally 90° apart in phase. The two signals
are then amplified by two variable gain amplifiers (VGAs) and then summed, forming the output
signal. The phase shift is determined by the gain of the two VGAs which are independent of each
other. Using this approach, phase between 0° and 360° can be achieved. The weighted summation
of the I and Q components used to form the resultant phase shift is shown in Figure 2-7b. This type
of architecture is quite common for integrated circuit implementation because of it’s extensive use
of active components. One major drawback of this approach is the exceptional accuracy and
complexity required of the amplitude control components to minimize the RMS phase errors which
in turn requires complex control circuitry to ensure precision of the phase shift. Apart from this,
operation at lower RF frequencies results in bulky passive I/Q splitters that may not be able to be
integrated on chip.

Figure 2-7. Vector modulator phase shifter
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2.2.6 Periodically Loaded Transmission Line

Figure 2-8. Periodically loaded line phase shifter
Tunable transmission lines can be used as phase shifters. The lumped element equivalent circuit
of the periodically loaded line phase shifter is depicted in figure 2-8 [2.8] and is composed of series
transmission lines and shunt varactors. Tuning the varactors causes the characteristics of the
transmission line can also be varied. If a unit cell of the artificial transmission line is assumed to
have characteristic impedance Zi with a corresponding phase velocity vi and length l, then the
equivalent inductance and capacitance of each section is given as:
𝐿𝑡 =

𝑙𝑍𝑖
𝑣𝑖
𝑙

𝐶𝑡 = 𝑍 𝑣

𝑖 𝑖

(2.3)
(2.4)

By varying the capacitance of the line using the varactors, the characteristics of the artificial line
change and the phase shift becomes a function of the varying capacitance as:
𝑖

∆∅ = 2𝜋𝑓 𝑣 (√1 + 𝑥 − √1 + 𝑥𝑦)
𝑝

𝑥=

𝐶𝑣_𝑚𝑎𝑥
𝐶𝑡

𝑦=

𝐶𝑣_𝑚𝑖𝑛
𝐶𝑣_𝑚𝑎𝑥
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(2.5)

The lumped element equivalent circuit implementation is preferred as it is smaller than the
transmission line and this can be implemented as low-pass or high-pass structures using lumped
inductors and varactors. Cascading several sections can increase the phase resolution at the cost
of higher insertion loss but can achieve 360° phase shift.
2.2.7 Integrated Switches
The use of switches in the realization of phase shifters such as those described previously in
sections 2.2.1-2.2.4 becomes very important for phase shifter performance in particular that
associated with insertion loss. Most switches used in these examples rely on FET technology to
achieve the switching function. By means of gate voltage, the channel conductivity of the FET
can be controlled while consuming no DC power. Varying the channel resistance RDS the FET as
a switch, can either be turned OFF or ON. In other words, the channel resistance behaves as a
voltage variable resistor. Figure 2-9 below shows the equivalent circuit of a FET used as a switch.
Typical performance metrics of a switch are it ON resistance and OFF capacitance which are
determined by the process used and the size of the FET. These have a direct impact on the
undesired insertion loss in ON state and high frequency isolation in the OFF state.

Figure 2-9. Equivalent circuit of a FET operating as a switch
Several different circuit topologies exist for switch implementation with the two most common
being the single-pole-double-throw (SPDT) series switch and the SPDT series-shunt switch. The
simplest of these is the series switch as shown in figure 2-10 which uses only a single series FET
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in each arm with complimentary voltages V1 and V2 controlling each switch. When the switch in
one arm turns ON, the other arm turns OFF. As mentioned before, switch performance is
determined by FET size used in the switch. Figure 2-11 shows a another variation of the SPDT
switch where instead of just a series switch in each arm, it used a combined series and shunt switch.
The additional shunt switch improves the isolation in the OFF state but also makes the insertion
loss in the ON state worse. Depending on the application, one or the other could be used.

Figure 2-10. SPDT switch using series FETs
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Figure 2-11. SPDT switch using series-shunt FETs
2.3 Phase Shifter Requirements
The main technical requirements used to describe the electrical performance of phase shifters
are listed below and each is briefly explained. Different applications will have different emphasis
on certain aspects of these requirements enforcing some more than others. These include Phase
shift error, amplitude imbalance, return loss, insertion loss, number of bits, operating frequency
band and design size.
2.3.1 Phase Shift Error
Phase shift is the phase difference between insertion phases of reference and difference paths
and is desired to be constant over the operating bandwidth. Design efforts always have to deal with
a certain amount of phase error in the operating bandwidth with the limits set at the system level
and depend on the type of application with military being less tolerant than commercial.
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In the performance of digital phase shifter, the phase error cannot be larger than the phase
resolution and the intersection of two adjacent phase states is usually unacceptable. This occurs
when either or both adjacent phase states have too much variation in the operating bandwidth.
Sources of phase error may originate from input power variation, temperature variation,
transistor or device mismatch etc. RMS phase error definition is the most common way of reporting
or documenting phase error even though peak to peak phase error is also used.
2.3.2 Amplitude Imbalance
In ideal conditions, the magnitude of the phase shifted signal should remain constant and not
be affected by the phase shifter. In reality, the effect that the phase shifter has on amplitude will
vary between the reference state and the phase shift state. This difference is what is referred to as
amplitude imbalance and is desired to be as small as possible. RMS gain error definition is the
most common way of reporting or documenting gain error between the reference state and phase
shift state.
2.3.3 Insertion Loss
The magnitude of insertion loss depends on the requirements of the system and is not a desired
property which in reality is quite difficult to avoid especially in passive phase shifters. It is a
measure of transmission losses (signal loss) that are created by component loss, impedance
mismatches and conductor losses, etc. which causes a decrease in system signal-to-noise ratio
(SNR) and may increase amplification requirement leading to added power consumption. In digital
phase shifters, higher resolution systems require more bits leading to higher insertion loss since
phase shifter bits are usually implemented in a cascaded form. Amplifiers can be used to
compensate for insertion loss in passive phase shifters.
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2.3.4 Return Loss
Phase shifters are usually implemented as part of more complicated RF systems and return loss
is a type of loss that is caused by the impedance mismatches at the input and output ports where
the phase shifter connects to other components in the system. Bad return loss usually makes the
insertion loss worse since it causes some amount of applied power to be reflected back to the
source, decreasing both components as well as system gain and decreasing SNR. Both input and
output return loss result in amplitude and phase distortions in the system response and negatively
affects cascaded system performance. The return loss of the phase shifter should be kept as low
as possible so as not to cause any disorder in system level performance as well as increases in
insertion loss.
2.3.5 Number of Bits
The minimum phase shift angle that can be performed with a phase shifters is referred to as the
phase resolution and is determined by the number of bits in the system. Sensitive analog phase
shifters on the other hand can scan all angles in small phase shift steps determined by the accuracy
of voltage leveling circuitry within the system. For digital phase shifters, it is meaningless to design
a phase shifter that has more phase error than its phase resolution although, in theory, it is possible
to increase the phase resolution infinitely. In phased array applications, high phase resolution plays
a dominant role in good beam steering resolution and the ability to achieve small side-lobe levels.
The limiting factor on this on the other hand is that increasing the phase resolution may increase
the insertion loss, cost, size and complexity of the circuit.
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2.3.6 Operating Frequency Band and Device Size
Operating frequency band defines the bandwidth of the system and plays an important role in
the decision as to what type of phase shifter is needed. It is the initial design parameter that defines
lower and upper frequencies of operation with all other performance requirements tailored to be
satisfied within the operating frequency band. At MHz and low GHz frequencies, passive
components tend to be larger and therefore a preference for active phase shifters, while at higher
frequencies, passive design of phase shifters are more common. Size, weight and power (Swap)
play an important role in phase shifter design especially for those used in military applications.
Phase shifters should be designed to be compact and able to be integrated in applications like
expandable jammers where there is little room for every RF component.
2.4 Summary
There are numerous other types of phase shifter, but the most common and widely used types
have been presented above. A general description of each type was given, listing both advantages
and disadvantages. Depending on the application and the specifications, one of these architectures
could be used. Furthermore, some of the most important design parameters were listed with a brief
description of each.

The initial choice of type of phase shifter needed for a specific design is

crucial to satisfy the design specifications or to, at a minimum, reach a satisfactory tradeoff
between specifications. Some of the most critical design requirements for phase shifters are
accurate phase variation up to 360°, low RMS phase and gain error, low loss, size (die form), good
input/output match and low control complexity all over required bandwidth. Based on the
information presented above, the all-pass phase shifter was chosen as the work horse for the design
of the phase shifter detailed in this dissertation. The advantages of the all-pass phase shifter
include ability of achieving large phase shift, excellent return loss and low loss variation between
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states over a wide bandwidth. Ability of cascade multiple stages for wider bandwidth makes it
architecture a good choice for broadband phase shifters. Achieving 360° of phase shift is possible
as phase shift of individual stages can be summed directly.
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Chapter 3:
All-Pass Phase Shifter Design
3.1 Introduction
Phase shifter topologies such as those using switched networks [3.1], [3.2], reflection types
[3.3], [3.4] and vector summation networks [3.5], [3.6] aim to achieve broad bandwidth
performance with minimal phase error and return loss. In these conventional designs, the value of
the phase shift is dependent on the return loss of the system [3.2] which therefore sets a limit on
the operational bandwidth of the phase shifter. The design requirements in this chapter call for
wide bandwidth (0.8 GHz to 3 GHz) with good input and output match and low phase and gain
error. All pass networks are matched naturally over large bandwidths which makes the synthesis
of its phase response much simpler to achieve. For wider bandwidths, the all-pass networks can
be cascaded which makes it relatively easier to combine single and multi-octave responses [3.7].
In designing the phase shifter both the phase response and the return loss should be considered
simultaneously. In cascaded systems, the matching conditions between the cascaded stages plays
an important role in the performance of the phase shifter since this plays a role in the overall return
loss. When properly designed to have large return loss this allows individual stages to be summed
directly. The total phase of the cascaded system of bits becomes the sum of the individual bits and
the design requirement may be simplified to that of simple phase summation [3.8]. The good match
between stages also makes it more feasible to integrate amplifiers between the stages to provide
gain to the system and compensate for losses incurred in the all-pass network.

30

3.2 All-Pass Filter Design Theory
The all-pass filter forms the core of the all-pass phase shifter design and will be described
briefly. The two most common types of all pass filters (passive) are the series-L and series-C
networks as shown in Figure 3-1. These networks are said to be matched naturally, if the following
condition is met;
𝐿

𝑍𝑜 = √𝐶

(3.1)

Figure 3-1. All pass filter in series L (a) and series C (b) configuration

where, C and L are the values of the passive component used in the design of the filter. Both
networks have equivalent phase responses.
In the following analysis of the all pass filter, the associated reactance is expressed as 𝑥 =
𝜔𝐿⁄ and susceptance as 𝑏 = 𝜔𝐶𝑍 . The normalized impedance z and normalized frequency Ω
0
𝑍0
are expressed as:
1

𝐿

𝑧 = 𝑍 √𝐶 ,
0

𝜔

Ω = 𝜔 , 𝑤ℎ𝑒𝑟𝑒 𝜔0 =
0
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1
√𝐿𝐶

(3.2)

The single section all-pass phase shifter network is shown in Figure 3-2. To achieve a phase
difference, the first network shifts the transition frequency from ω0 to ω1, and the second network
from ω0 to ω2 with the relation
𝜔1 𝜔0
=
𝜔0 𝜔2

Figure 3-2. Single section all pass phase shifter [3-1]

At frequencies below ω0 the phase response of the network is similar to that of a low-pass filter
(LPF) while for frequencies above ω0 it approximates that of a high=pass filter (HPF). Redefining
the reactance and susceptance as:
𝑥 = Ω𝑧 𝑎𝑛𝑑 𝑏 =

Ω
𝑧

(3.3)

It can be shown that S11 and S21 of the network in terms of reflection coefficients can be
described by the equations:
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1

1

2

2

𝑆11 = (𝛤𝑒 + 𝛤𝑜 ) 𝑎𝑛𝑑 𝑆21 = (𝛤𝑒 − 𝛤𝑜 )

(3.4)

where 𝛤𝑒 and 𝛤𝑜 are the even and odd mode reflection coefficients.
For the network to be matched at all frequencies, S11 = 0 which occurs when z = 1 which means
that 𝐿⁄𝐶 = 𝑍0 2 . The transmission coefficient 𝑆21 under this condition, has a unity magnitude and
a phase response gives as:
1

𝜓 = 𝜋 − 2 tan−1 (Ω − Ω)

(3.5)

Given the choice of the two different configurations, these being the series-C and series-L, the
series-C is preferred since this option reduces the use of additional inductor values. The inductor
used in this configuration also has a smaller value than that of the series-L configuration which
lends itself favorable for IC design since larger inductors occupy more die space.
3.3 All-Pass Phase Shifter Design
For a switch bit network consisting of all pass networks (APNs) as shown in Figure 3-3 with
corresponding transition frequencies ωA and ωB, the insertion phase as described in equation 3 of
each network is gives as:
1

Ω

𝑃

𝜓𝐴 = 𝜋 − 2 tan−1 (Ω𝑃 − Ω ) , 𝜓𝐵 = 𝜋 − 2 𝑡𝑎𝑛−1 (𝑃 − Ω)
𝑃

(3.6)

where ωm2 = ωA ωB is the geometric mean of the two frequencies and Ω is redefined as ω/ωm and
ωA

the new design parameter 𝑝 = √ ωB . The phase difference between the two branches then becomes
the difference between 𝜓𝐴 and 𝜓𝐵 .
1

Ω

𝑃

𝜓𝐵 − 𝜓𝐴 = Ø = 2 {tan−1 (Ω𝑃 − Ω ) − tan−1 (𝑃 − Ω)}
𝑃

(3.7)

The parameter p in the above equation is associated with the differential phase at the center
frequency Øm. The parameter p for a phase shift Ø𝑚 = Ø (Ω = 1) is given as [3.7]:
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1

∅𝑚

𝑝 = 2 tan (

4

1

) + √1 + 4 𝑡𝑎𝑛2 (

∅𝑚
4

)

(3.8)

Given the equations above, the value of the reactive elements that form the two branches of the
APN can be calculated using the following equations where the center frequency of operation is
given as ωm. The values correspond to those shown in Figure 3-3 for a single section all pass
phase shifter.
𝑝𝑍0

𝐿1 = 𝜔
𝐿2 =

𝑚

𝑍0
𝑝𝜔𝑚

𝐶1 = 𝑍

𝑝

0 𝜔𝑚

𝐶2 = 𝑝𝑍

1

0 𝜔𝑚

(3.9)
(3.10)
(3.11)
(3.12)

Figure 3-3. Topology of a single stage all-pass phase shifter
Using the above equations, a 4 bit phase shifter using the APN topology was designed for a
frequency from 0.8 GHz to 3 GHz for a 3.75:1 bandwidth. Each bit in the sequence consists of
three stages as shown in figure 3-4 below. Three stages per bit was found to be necessary in system
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simulation to provide required phase shift over frequency from 0.8 GHz – 3 GHz. Figure 3-5
shows an example of the 90° phase shifter simulation setup. This was used to determine the
number of stages necessary to achieve the phase shift across the frequency band of interest. Figure
3-6 is the schematic of a single section all-pass phase shifter centered at 1.9 GHz. Simulation
results of this section and those of two more sections centered at 1 GHz and 3 GHz is shown in
figure 3-7. Observing the response of each section separately, shows that it is insufficient to meet
the requirements for the desired phase shift from 0.8 GHz to 3 GHz and therefore the necessity of
three sections. Simulation results of the three combined sections is also shown in figure 3-7 and
found to be an optimum tradeoff between bandwidth, insertion loss and chip size.

Figure 3-4. Topology of a single bit
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Figure 3-5. Simulation setup for 90° phase shifter

Figure 3-6. Single section 90° phase shifter at 1.9 GHz
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Figure 3-7. Simulation results of 90° phase shifter

Figure 3-8. Block diagram of 4-bit phase shifter
The phase shift is the difference between the insertion phase of the reference branch and second
branch. The signal is routed through the appropriate branch using single-pole double throw
switches. After determining the center frequency for each section as shown in figure 3-7 to achieve
a smooth phase shift across band from 0.8 GHz to 3 GHz, the component values are calculated
using equations 3.8 to 3.12 and shown in Table 3.1. Table 3.1 list the values for the reactive
components calculated for the necessary phase shifts of 22.5⁰, 45⁰, 90⁰ and 180⁰ as shown in figure
above.
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Table 3.1 Calculated LC Values (C in pF, L in nH)
Components

Branch 1 (Reference)
22.5⁰

45⁰

90⁰

180⁰

L1 (nH)

10.45

10.1

12.2

16.09

C1 (pF)

8.4

8.78

9.78

12.88

L2 (nH)

4.4

4.63

5.14

6.78

C2 (pF)

3.52

3.7

4.11

5.42

L3 (nH)

2.78

2.93

3.26

4.29

C3 (pF)

2.23

2.34

2.61

3.43

Components

Branch 2
22.5⁰

45⁰

90⁰

180⁰

L4 (nH)

9.5

9.0

8.10

6.15

C4 (pF)

7.58

7.21

6.48

4.92

L5 (nH)

3.4

3.79

3.41

2.59

C5 (pF)

3.19

3.03

2.73

2.07

L6 (nH)

2.52

2.4

2.16

1.64

C6 (pF)

2.02

1.92

1.73

1.31

The design was done using Keysight’s Advanced Design System simulation software. Figure
3-6 below shows the schematic of the 4 bit phase shifter. Individual bit performance is affected by
the source and load impedance it sees and is therefore degraded by the loading of the adjacent bits.
As a result, optimal bit ordering determined from simulation of different combinations, becomes
necessary to keep the worse matched bits isolated from each other and placing them between the
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better matched bits. The optimal bit ordering for this design is shown below in Figure 3-6. A
schematic of the 22.5⁰ phase shifter using component values listed in Table 3.1 is shown in Figure
3-7. The schematic includes series/shunt switches at the input and output to switch from reference
state to phase shift state as previously described. Inclusion of these switches further deteriorates
the insertion loss of the network.
Simulation results of the entire 4 bit system is shown in Figure 3-8. It includes the four
individual phase states, those being the 22.5⁰, 45⁰, 90⁰ and 180⁰ phases. Phase errors of less than
2⁰ are attainable across the entire frequency range. The available 16 states of this 4 bit

Figure 3-9. Optimal bit ordering

Figure 3-10. Schematic of 22.5⁰ phase shifter
system can be used to attain phase shifts of 360⁰ with a phase resolution of 22.5⁰. Figure 3-9
shows the insertion loss and return loss of the system. As discussed previously, the return loss of
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this network is very good as the all-pass filter is naturally matched. Insertion loss on the other
hand, with the inclusion of the switches is very high – from 9 dB to about 12 dB.

Figure 3-11. Simulated phase shift of 4 bit system
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Figure 3-12. Simulated insertion loss (a) and input/output return loss (b)
To compensate for the loss in the network, wideband amplifiers were placed between the stages
as shown in Figure 3-10 and 3-11. Apart from introducing gain to the network, these amplifiers
provide stable source and load impedance to the phase shifters improving the individual bit
performance. The amplifiers were designed as low noise wideband amplifiers using simultaneous
noise and power match techniques [9]. Using noise matching by biasing the transistor using
optimum noise current density for minimum noise and sizing it for power match, the transistor can
operate at lowest noise possible while at the same time being matched for maximum power gain.
Using this technique usually results in exceptionally large transistors but adding a small shunt
capacitor between the gate and source terminals shrinks the necessary size while preserving the
optimum noise match. The cascode architecture was used since it eliminates the miller feedback
effect increasing the bandwidth and reverse isolation. It also increases the gain with a minor
penalty in noise and linearity. Source inductors were used to match the input to the real part of the
source (50 Ω) while a gate inductor was used to cancel the imaginary part of the input impedance.
To increase the bandwidth of the design, RC feedback was used from the output buffer to the input.
A simple schematic version of the design without biasing is shown in Figure 3-12.
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Figure 3-13. Concept of 4 bit phase shifter with amplifiers

Figure 3-14. Schematic of 4 bit phase shifter with amplifiers

RC feedback to improve
broadband response

Figure 3-15. Wideband LNA Design
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The entire system was designed using the Triquint TQPED GaAs process which is a 150 mm,
0.5 um pHEMT process with both depletion and enhancement mode devices. It offers three metal
interconnecting layers with precision NiCr resistors and high value MIM capacitors.

The

individual blocks including phase shifters and amplifiers were initially designed using ideal
components. Once the specifications were met, the ideal components were replaced with actual
components from the design kit. This required further optimization of the design to account for
device parasitics. Once the design components were re-tuned to meet the design specs, the next
step was to generate the layout of the complete system. Floor planning of the entire layout is
necessary to have a compromise between unnecessary coupling of the individual components and
chip size. Once the layout was complete, the next step was to run electromagnetic simulation of
the physical layout. ADS Momentum was used for this purpose. Additional re-tuning of the design
was necessary at this point to account for coupling and the effect of interconnecting transmission
lines. System level simulation of the 4 bit phase shifter is shown in Figure 3-13 to Figure 3-15 for
all 16 states. Figure 3-16 shows the simulated RMS gain and phase shift error. Figure 3-17 shows
the layout of the complete system with a chip size of 6800 µm x 4900 µm .

Figure 3-16. System level simulation of phase shift (degrees)
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Figure 3-17. System level gain (dB)

Figure 3-18. Simulation results of input/output return loss
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Figure 3-19. RMS gain and RMS phase error

Figure 3-20. Complete chip layout
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3.4 Fabrication and Measurement
Figure 3-18 (a) shows the fabricated chip and Figure 3-18 (b) shows the test board with the
mounted chip. The 3 transmission lines on the right side of the board were used to perform TRL
calibration. The test board is a 0.79 mm thick FR4 board. All traces on the test board were
fabricated using 1 oz. copper with Electroless Nickel Electroless Palladium Immersion Gold
(ENEPIG) surface finish to allow for the addition of wire bonds. The RF input and output pads of
the chip are wedge wire bonded to the test board with two parallel 18 µm diameter gold wires to
minimize the parasitic series inductance associated with the wire bonds.

Figure 3-21. Fabricated chip and test board
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Figure 3-22. Flowchart for initial testing
The flowchart shown in Figure 3-19 was used to carry out the measurements on the test board with
each step explained below with corresponding results.
For DC Test, the design assed with logic control drawing 10 mA in the high state (5 V) and 0
mA in the low state (0 V). These are used to control the switches in the phase shifters to go from
reference state to desired phase shifting state. Being a four bit phase shifter, there were four control
pins. Amplifiers also passed DC test, drawing 36 mA from 5 V supply.
For the Functionality Test: The chip failed the functionality test giving acceptable results for
input/output return loss but not for insertion loss and phase shift. Measured vs. simulated results
did not match up. Measured vs. simulated plots shown below in figure 3-20.
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(a)

(b)

(c)
Figure 3-23. Simulated vs. measured phase shift (a) 90° (b) 45° (c) 22.5° and (d) 180°
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(d)
Figure 3-23. (Continued)
The root cause of functionality test failure is strongly suspected to be caused by spiral mutual
inductance and coupling effects from the close proximity of the 60 inductors. The EM model
inaccuracies and high coupling between the inductances which are very close to each other due to
compact layout caused the difference between post layout simulation and measurement results.
A case study of this is provided below:
EM simulation done separately for each segment to simplify post EM optimization and tuning
as well as simulation time. As a result, effects of mutual coupling from one segment to another
was not accounted for. Maximum allowed chip size was utilized so no other option to further
separate sections was possible.
The results of the experiment to find the root cause for a discrepancy between simulated and
measured results is shown in Figure 3-25. The red trace is simulation of the schematic model of
the inductor while the black trace is the momentum simulation result of a single
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Figure 3-24. Segment of layout used for case study on mutual inductance
segment consisting of two inductors. This segment is similar to that used in optimization of the
design with the entire phase shifter broken up in similar segments. The blue trace shows similar
simulation of this segment but with another inductor in close proximity similar to what is actually
encountered in the layout. It is clearly observed that the mutual coupling between the additional
inductor and the segment does affect the net inductance. This occurs throughout the chip and is
the reason for discrepancy between measured and simulated results. Adequate performance would
require that these inductors be spaced further apart and therefore consuming much more die area.
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Figure 3-25. Inductor mutual inductance
3.5 Summary
This chapter presented the theory as well as the practical technique for the design of passive
all-pass phase shifters and detailed the design of a broadband phase shifter. It first described the
design techniques and equations used to design passive all-pass filters which form the core of the
phase shifter. The two most common types of all-pass filters were presented with a brief
description of their frequency response. Next, a broadband 4-bit phase shifter was designed for Sand L- band frequencies. To achieve a design that is operational from 0.8 GHz to 3 GHz, 3 sections
of all-pass networks were necessary for each bit. The design was implemented using the Triquint
TQPED GaAs pHEMT process.

To compensate for loss, an LNA was also designed and

implemented in the signal chain. Measured and simulation results did not match up and additional
analysis of the design discover the root cause of the discrepancy was due to inductive coupling
which was not accounted for in the momentum simulations. The only solution to solving this issue
using the current design approach is to space out the layout to allow more separation between the
inductors. This was not an option for this research as the initial design was already using the
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maximum allowed chip size as determined by the foundry. To address the challenging needs of
small size, wide bandwidth and low frequency applicability, the second design detailed in the next
chapter proposes a novel phase shifter implementation that utilizes tunable active differential
inductors within all-pass networks.
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Chapter 4:
Active Inductor Design
4.1 Gyrator Based Active Inductor
Gyrator-C networks can be used to synthesize floating active inductors. A gyrator consists of
two back-to-back connected transistors which function as an active inductor when one port is
connected to a capacitor as shown in figure 4-1. [4.1]

Figure 4-1. Lossless single-ended gyrator-c active inductor.

𝐶𝐿

𝐿 = 𝑔𝑚

1 𝑔𝑚2

(4.1)

The inductance generated by this topology can be calculated using (4.1) which shows that the
inductance is proportional to the value of the load capacitance and inversely proportional to the
transconductance (𝒈𝒎)of the transistors used.
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The finite input impedance of the transconductors used in the active inductor makes the network
quite lossy and limits the frequency range over which it behaves like an inductor. Figure 4-2 shows
a lossy floating gyrator-c active inductor and its equivalent circuit. 𝑮𝟎𝟑 and 𝑮𝟎𝟒 are the total output
conductance of the transconductors, 𝑹𝑷 represents the parasitic parallel resistance, 𝑪𝒑 the parallel
capacitance and 𝑹𝑺 the series resistance. 𝑪𝟏 and 𝑪𝟐 represent total parasitic capacitances at each
corresponding node.

Figure 4-2. Lossy floating gyrator-c active inductor and equivalent RLC circuit
The parameters for this lossy active inductor as represented by the equivalent RLC network are
given by [4.1]
𝑅𝑝 =
𝐶𝑝 =
𝑅𝑠 =

2
𝐺04

𝐶1 + 𝐶2
2

𝐺03 + 𝐺04
𝑔𝑚3 𝑔𝑚4

𝐿=

𝐶1 +𝐶2
2

𝑔𝑚3 𝑔𝑚4
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(4.2)

4.2 Frequency Response of Active Inductors
The inductive characteristics exhibited by a lossy gyrator-c active inductor are frequency
limited and dictated by the parasitic resistance of the network. For the equivalent RLC network
shown in figure 4-2, the input impedance is given by [4.1]
𝑅𝑠

𝑍 = (𝐶𝑝𝐿)

𝐿
+1
𝑅𝑠
1
𝑅𝑠
𝑅𝑝+𝑅𝑠
2
𝑠 +𝑠(
+ )+
𝑅𝑝𝐶𝑝 𝐿
𝑅𝑝𝐶𝑝𝐿

𝑠

(4.3)

The pole and zero resonant frequency of the impedance occurs at
𝜔𝑝 = √

𝑅𝑝 + 𝑅𝑠
1
𝑓𝑜𝑟 𝑅𝑝 ≫ 𝑅𝑠, 𝜔𝑝 = √
𝑅𝑝𝐶𝑝𝐿
𝐶𝑝𝐿
𝜔𝑧 =

𝑅𝑠
𝐿

= 𝜔𝑜

(4.4)

Equation (4.4) shows the dependence of the frequency response on the parasitic impedance of the
system where the lower bound of the frequency range is dictated by 𝜔𝑧 and the upper bound by 𝜔𝑝.
As shown in the bode plot in figure 4-3, 𝜔𝑧 should be minimized and 𝜔𝑝 should be maximized.
Based on equation (4.4), 𝜔𝑧 can be minimized by decreasing 𝑅𝑠 as given in equation (4.2). This
can be done by proper sizing of transistors to control output conductance 𝐺03 and 𝐺04 in figure 4.2
or by using cascode transistors. Additional operational frequency range can also be obtained by
using a feedback resistor [4.2]. Here, the author used a feedback resistor to introduce as additional
zero to cancel the dominant pole and allowed for the use of fairly large values of integrating
capacitors (𝐶𝑝 in equation 4.4) without limiting the maximum range of frequency where the system
behaves like an inductor.
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Figure 4-3. Bode plot of lossy gyrator-c active inductor

When 𝑅𝑠 >> 𝑅𝑝 , the quality factor of the lossy gyrator-c active inductor is highly dependent
on the series parasitic resistance as can be described in equation (4.5).
𝑄=

𝜔𝐿
𝑅𝑠

(4.5)

For applications, such as in oscillators where high quality factor is necessary, decreasing the
value of 𝑅𝑠 to increase Q can be achieved by reducing the output conductance 𝐺03 of the transistors
according to equation (4.2). This can be done by using cascode transconductors but will have a
negative effect on devices dynamic range. Proper sizing of transistor width has a direct effect on
the device gm and increasing this value also decreases 𝑅𝑠 but this also influences the value of
inductance 𝐿. The 𝑄 of the active inductor can be further increased by introducing a shunt negative
resistor to the input of the gyrator-c network to cancel out the parasitic resistance seen in its RF
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equivalent circuit shown in Figure 4-2. This can be seen from the circuit model in Fig. 4-4 that
revises the RF equivalent circuit of the gyrator-c network by replacing the series 𝑅𝑠 − 𝐿 branch
with parallel 𝑅̂ 𝑝 and 𝐿̂ branches. To implement the negative 𝑅 that will be used to cancel 𝑅̂ 𝑝, two
cross coupled equally sized transistors can be employed as shown in Fig. 4-5 [4.3]. The negative
resistance and total resistance of this network is given by
−𝑅 = − (

1
1
+
)
𝑔𝑚5 𝑔𝑚6

𝑅𝑡𝑜𝑡𝑎𝑙 = 𝑅̂ 𝑝‖−𝑅

Figure 4-4. RL parallel to RL series branch transformation

Figure 4-5. Negative resistance cross-coupled transistors
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(4.6)

4.3 Differential Active Inductors
A compact source-degenerated differential active inductor (DAI) has been proposed in [4.4]
that utilizes two mosfets as the gyrators in the differential gyrator-c active inductor topology as
shown in figure 4-6.

Figure 4-6. DAI based on cross-coupled transistors
The design comprises of two cross coupled transistors (M7 and M8) acting as the back to back
transconductance amplifiers. Transistors M9 and M10 form the negative resistance circuit
necessary to improve the quality factor. Inductance tunability is achieved by varying the gm values
of the cross-coupled transistor pair M7 and M8 as described in equation (4.1) where CL is the load
capacitance including all parasitic capacitance. Inductance tuning is done by varying the current
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through these transistors by adjusting the tuning voltage Vb on transistors M11 and M12. The
schematic in Figure 4-7 is a modified version of this design that uses feedback resistors to improve
on the performance of the active inductor. Feedback resistors Rf increases the frequency range of
the inductor but also serves to lower the parasitic series resistance and increase the inductance as
described in [4.3]. With the addition of the feedback resistors, the active inductor parameters
become
𝐿=

𝐶𝐿
𝛼(𝑔𝑚13 𝑔𝑚14 )

1
2
𝑅𝑇 𝜔𝑝 𝐶𝑔𝑠13,14 𝐶𝐿𝑅𝑓
𝑅𝑠 =
𝑔𝑚13 𝑔𝑚14
𝑅𝑇 = 𝑅𝑓 ‖𝑅𝑑 ‖𝑟𝑜15,16 ‖𝑟𝑜13,14

(4.7)

where 𝛼 represents the voltage attenuation factor (between 0 and 1) introduced by the feedback
resistors, 𝜔𝑝 is the frequency in (4.4), 𝑟𝑜13,14 is the output resistance of transistors M13 and M14,
𝑟𝑜15,16 is the net negative resistance of M15 and M16 and 𝐶𝐿 is the load capacitance. 𝐶𝑔𝑠13,14 is
the sum of the gate to source capacitances of M13 and M14. In the case, where 𝑅𝑠 becomes
negligible because of the negative resistance network, the quality factor of the active inductor is
determined by the parallel resistance 𝑅𝑝 in figure 4.2 and equation (4.5) becomes
𝑄~
̃
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𝑅𝑝
𝜔𝐿

(4.8)

Figure 4-7. DAI based on cross-coupled transistors with feedback
Thus, the feedback resistors decrease the quality factor by increasing L. Linearity improvement is
also achieved using feedback resistors in the topology described in [4.3] by decreasing the internal
loop gain given in equation (4.9). This loop gain arises from an increase in VGS of transistors M13
and M14. For large voltage swings at the input, these transistors will go into compression and
exhibit nonlinear behavior. Here, 𝛼 represents the voltage attenuation introduced by the feedback
resistors and 𝜔𝑜 is the resonant frequency.
𝐴𝐿 (𝜔𝑜 , 𝛼) =

𝛼(𝑔𝑚13 +𝑔𝐷𝑆13 )
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𝐶𝐿𝜔𝑜

(4.9)

Active inductors implemented using the gyrator-c topology are negative feedback systems and
thus, stability should also be considered. Classifying the gyrator-c active inductor shown in figure
4-2 as a second order system, the damping factor is given by (4.10) [4.1].
𝜉=2

1

√𝑔𝑚3 𝑔𝑚4

𝐶

𝐶

(√𝐶2 + √𝐶1 )
1

(4.10)

2

Increasing 𝑔𝑚3 or 𝑔𝑚4 will lead to a decrease in the damping factor resulting in a decrease in
stability. Resistor Rd in figure 4-7 thus becomes mandatory for unconditional stability ensuring
that the resistance of the system does not go negative.
4.4 Circuit Implementation
For this application, a DAI like that shown in figure 4-7 was designed as part of the active allpass phase shifter with a tuning range from 1.6 nH to 4.3 nH at 1.5 GHz and 0.9 nH to 2.2 nH at 3
GHz. These values were obtained from values for the design of passive all-pass filters [4.5]. The
proposed DAI was fabricated in a 0.5 µm GaAs pHEMT process with both enhancement and
depletion mode transistors. Equations (4.2) – (4.10) were used as a guide in the proper sizing of
the transistors. M13 and M14 are the most critical transistors as these form the gyrators used in
implementing the active inductor. From (4.2) value of inductance in inversely related to 𝑔𝑚13 and
𝑔𝑚14 which are the transconductance of M13 and M14. Given that 𝑔𝑚 = √2𝐾

𝑊13,14
𝐿13,14

𝐼 then proper

sizing of these transistors is critical to set the starting value of 𝑔𝑚 and inductance to be able to
achieve the desired tuning range and frequency response. When the size of M13 and M14 increase,
𝑔𝑚13 and 𝑔𝑚14 as well as parasitic capacitance 𝐶𝑔𝑠 will increase and have a direct impact on
decreasing 𝐿 . 𝑅𝑠 will decrease which in turn will also decrease the frequency of 𝜔𝑧 thus
increasing the operational frequency range. This increase in 𝑔𝑚 will be much larger than that of
𝐶𝑔𝑠 . Decreasing the value of 𝐿 on the other hand will increase 𝑄 as well as the self-resonant
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frequency 𝜔𝑜 . Optimization of the transistor size for M13 and M14 must be done in order to get
the inductance values and frequency range mentioned previously. The feedback resistors Rf add
another degree of freedom as this also has a direct impact on the frequency range and inductance
values [4.2]. Transistors M15 and M16 form the negative resistance network and this has a
minimal impact on the inductance value and frequency range and is used to increase the 𝑄 of the
network. It is important to note that this circuit can be made tunable to be able to modify the 𝑄
value. That was not an option implemented in this design but can be done in other versions.
Transistors M17 and M18 serve as current mirrors to vary the 𝑔𝑚 of M13 and M14 to tune the
inductance.

Figure 4-8. Layout of active inductor
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4.5 Post-Layout Simulation Results
Extensive EM simulations were done using ADS Momentum as part of the post-layout
simulation of the DAI to account for all parasitic effects. Optimization of the transistor size as
mentioned previously resulted in achievement of the desired tuning range of inductance over a
frequency range from 1.5 GHz to 3 GHz as shown in figure 4-9. Given that the network functions
as a feedback system, requirements for unconditional stability become important. Implementation
of series resistor Rd was included for this purpose. Figure 4-10 shows both stability factor as well
as stability measure of the DAI for tuning voltage from 3.1 V to 3.5 V. Unconditional stability
was achieved since stability factor > 1 and stability measure > 0.
The quality factor of the inductor for the range of tuning voltages is shown in figure 4-11. As
mentioned in the previous section, quality factor trades with linearity and this tradeoff becomes
obvious by observing the simulation results of figure 4-12. Quality factor ranges from about 14.8
to about 17.5 but IIP3 has values as high as 8.4 dBm.
The simulation results demonstrate that the proposed design technique is an excellent approach
for the design of the DAI to properly function as part of the phase shifter network.
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Figure 4-9. DAI inductance tuning range

Figure 4-10. DAI stability simulation results
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Figure 4-11. DAI quality factor for inductance tuning range

Figure 4-12. Input third order intercept point
4.6 Summary
This chapter presents a technical discussion on the design of single-ended as well as differential
or floating active inductors using the gyrator as the core building block. An analysis of the
frequency response was done to investigate the limitations of the active inductor in an effort to
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improve the design for the given application. The quality factor of the active inductor was also
investigated which called for the addition of a negative resistance network to compensate for series
parasitic resistance. Finally, a differential active inductor was designed using the Triquint TQPED
GaAs process. EM extracted simulation results demonstrate that the proposed design is an
excellent approach for the design of the differential active inductor (DAI) forming the core of the
phase shifter network.
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Chapter 5:
Modified All-Pass Phase Shifter
5.1 System Level Design
The functional block diagram of the phase shifter is shown in Figure 5-1. The first stage is
composed of an active balanced-to-unbalanced (balun) circuit followed by a single pole double
throw (SPDT) switch. The balun is designed to provide a wideband 50 Ω impedance match at the
RF input and reduce the insertion loss of the phase shifter by providing gain. The balun functions
as a switched 180° phase shifter bit to complement the phase shift that is attained in the second
stage. Therefore, accuracy in both phase and amplitude performance of the balun is crucial as it
directly contributes to the overall performance of the phase shifter.
The second stage of the phase shifter is an all-pass network implemented using active inductors.
All-pass networks are attractive for large phase shift bandwidths. It is typical to use them in digital
implementations by including two switchable all-pass network blocks to form a phase shift bit
[5.1] (e.g. a 22.5° bit). The complete phase shifter generally includes 4 to 6 such bits. However,
implementation of this type of phase shifter causes the circuit area to be dominated by passive
inductors, not only by the physical size of each inductor, but also the spacing needed between them
to reduce mutual coupling to an acceptable level. Therefore, the all-pass network utilized in this
work is based on an active tunable inductor that is compact and eliminates the need for several allpass network blocks. The shunt inductor all-pass configuration (see Figure 5-1) requires identical
inductance values for its inductors and is therefore chosen over the shunt capacitor design. As
detailed in Chapter 4, the selected active inductor based all-pass network implementation provides

67

continuous adjustment of the phase shift within 0°-180° from 1.5 GHz to 3 GHz through a control
voltage.
The third and final component of the functional block diagram comprises a two stage VGA that
also acts as an output buffer. The first stage of the VGA is a common gate amplifier that provides
a constant load impedance to the output of the active all-pass network. The second stage is another
common gate amplifier with a variable bias resistor network in order to adjust the amplifier gain
to balance the gain variations among the phase shift values. The output buffer at the end of the
circuit is designed to provide a wideband 50 Ω match at the output. The following sections detail
the design of each of the blocks within the proposed phase shifter with specific emphasis on the
trade-offs between tunability, bandwidth and achievable phase shift associated with inclusion of
active inductors within the all-pass network.

Figure 5-1. Functional block diagram.

5.2 Active Balun Based 180° Phase Shifter
The single-to-differential circuit topology shown in figure 5-2 has been extensively used to
implement an active balun as documented in [5.2], [5.3] and [5.4].

These show reliable

performance with moderate noise, good linearity, wideband input match and balanced outputs.
68

Figure 5-2. Common-gate common-source active balun
This topology functions by taking an input signal and splitting it into two separate signals that
are ideally equal in magnitude but 180° apart. It combines a common gate (CG) amplifier M1 and
a common source (CS) amplifier M2 to provide a wideband input impedance given as
1

𝑅𝑖𝑛 = 𝑔𝑚1 || 𝑅𝑏 .

(5.1)

When Rb is large, the input impedance is dominated by the 1/gm1 parameter which means that Rb
must be large to have minimal effect on input match as well as gain. The gain of the two branches
then becomes
𝐴𝑣𝐶𝐺 = 𝑔𝑚1𝑥𝑅1
𝐴𝑣𝐶𝑆 = −𝑔𝑚2𝑥𝑅2

(5.2)

where gm1 represents the transconductance of the common gate transistor M1 and gm2 represents
that of the common source transistor M2. Rb also serves to provide a bias voltage to M2. According
to equation 12, for this topology to function as an active balun, the transconductance (gm) of each
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stage in combination with corresponding load resistor must be equal. There are three different
option to implement this which include equal gm values for M1 and M2 as well as equal value for
load resistors, n times larger gm for CS stage with a load resistor n times smaller than that of CG
stage and n times smaller gm for CS stage with a load resistor n times larger than that of CG stage.
For large values of Rb (400Ω - 700Ω) relative to a source resistance Rs (50 Ω) the input
impedance of the CG stage is 𝑅𝑖𝑛𝐶𝐺 = 1⁄𝑔𝑚1 with a corresponding gain 𝐴𝑣𝐶𝐺 = 𝑔𝑚1𝑥𝑅1. With
matching conditions met at the input, the source impedance and input impedance of the CG stage
are equal and the gain can be defined as
𝐴𝑣𝐶𝐺 =

𝑅1

(5.3)

𝑅𝑖𝑛𝐶𝐺

For the combined CG and CS branch to function as a balun, the phase difference should be
180° but the gain of each branch must be identical. This sets the condition for the CS branch to
have a gain equivalent to (5.3) and given as
𝐴𝑣𝐶𝑆 = −𝐴𝑣𝐶𝐺 =

−𝑅1
𝑅𝑖𝑛𝐶𝐺

=

−𝑅1
𝑅𝑠

(5.4)

Figure 5-3 shows the active balun implemented in this design. The common gate stage (M1)
provides a wideband input impedance match and 0⁰ phase shift while the common source stage
(M2) provides the necessary 180⁰ phase shift. Only one output is used at a time depending on
desired phase shift. To achieve this, addition of switches on the output branch of each path is used.
This allows for the rerouting of the input signal providing the option of either 0⁰ or 180⁰ phase
shift. Equalizing the gain of the two stages by tuning the load resistors completes the design. Both
the CS and CG stages were cascoded for higher voltage gain and better isolation.
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Figure 5-3. Active balun with switches
The switches were implemented using single enhancement mode transistors before the output
buffers M5 and M6. The buffers were implemented to isolate the balun from the active all-pass
phase shifter.
Simulation results of the active balun are shown in Figure 5-4 – Figure 5-6. Good input
impedance match is achieved as can be seen in figure 5-4. Figure 5-5 shows the gain error between
the two branches differ by a maximum of 0.5 dB and Figure 5-6 shows that the 180° phase
difference requirement has been met.
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Figure 5-4. Return loss of active balun

Figure 5-5. Gain error of active balun
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Figure 5-6. Phase difference of active balun

5.3 Active Inductor Loaded All-Pass Network
To utilize the active inductor circuit shown in Fig. 5-7 within the all-pass network for phase
shifting purposes, the first step is to determine the inductance variation required to achieve a 180°
phase shift range within the frequency band of interest. For this, the following design equations
reported in [5.1] can be employed
𝐿=

𝑝. 𝑍0
𝜔

2

1
𝜙
1
𝜙
𝑝 = 2 tan ( 4 ) + √1 + 4 tan ( 4 )
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(5.5)

where 𝑍0 is the characteristic impedance and 𝜙 denotes the phase shift in radians. Equation (5.5)
shows that there is a linear relationship between the value of the characteristic impedance 𝑍0 and
the inductance value L. For 1.5 GHz operation and 180° phase shift, a 50 Ω characteristic

Figure 5-7. Differential active inductor (DAI)

impedance results in an inductance tuning range from 3.2 nH to 8.6 nH, whereas a 25 Ω
characteristic impedance requires an inductance tuning range from 1.6 nH to 4.3 nH. Since the
active inductor loaded all-pass network is preceded by the active balun and followed by the output
VGA/buffer, it does not directly interact with the external 50 Ω connections and allows the
freedom of choosing a lower characteristic impedance to minimize the required active inductance
tuning range. Consequently, the all-pass network was designed with a 25 Ω impedance with the
required inductance tuning range being 1.6 nH to 4.3 nH and 0.9 nH to 2.2 nH at 1.5 GHz and 3
GHz, respectively.
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Having determined the required inductance variation range, the procedure described in Chapter
4 is used to design the active inductor loaded all-pass network. Equations (4.2) – (4.7) are used as
a starting point in the initial stages of the inductor design. M11 and M12 are the most critical
transistors forming the core of the gyrator-c network based active inductor concept. Table 5.1
summarizes how the transconductance variation of these transistors affects the active inductance,
series resistance, and frequency range. The well-known equation 𝑔𝑚 = √2𝐾(𝑊11,12 /𝐿𝑡 11,12 )𝐼
(where K is the process transconductance parameter, W is transistor width and Lt is transistor
length, 𝐼 is the bias current) relates transconductance to the transistor size and bias current.
Changing the bias current to change transconductance for inductance tuning also affects the
operational frequency range of the inductor and therefore the frequency range needs to be adjusted
by properly sizing the M11 and M12 transistors. It is also assumed that the series and parallel
capacitances of the all-pass network, denoted by 𝐶𝑠 and 𝐶𝑝 in Figure 5-1, are in parallel with the
parasitic capacitances of the transistors and contribute to 𝐶𝐿 thereby impacting the inductance
value. (The values of 𝐶𝑠 and 𝐶𝑝 are 1.8 pF and 6.8 pF, respectively, as determined from [5.1] at
the center frequency of 2.25 GHz). Hence, although [5.1] is useful for estimating a
transconductance range, the transistor sizing and achievable inductance tuning range via bias
current control must be investigated by utilizing circuit and layout models associated with the
fabrication process to account for critical parasitic effects. In doing so, the quality factor and
operational frequency range of the active inductor must also be considered since the transistor sizes
can be reduced to increase L but this in turn impacts 𝑅𝑠 and 𝜔𝑧 as indicated in (4.2) and (4.4).
Consequently, the M11 and M12 sizes are best determined through circuit and layout modeling.
In these modeling steps, the inductance value is extracted from the S-parameters of the entire allpass network. Specifically these transistors exhibited 𝑔𝑚11,12 = 0.9 mS and 𝑔𝑚11,12 = 2.8 mS at
75

the 850 μA and 2.7 mA bias current levels. Transistors M15 and M16 serve as current mirrors to
vary the 𝑔𝑚 of M11 and M12 to tune the inductance.

Table 5.1
Effects of Varying Transconductance and Feedback Resistance on Performance of the Tunable
Active Inductor
𝒈𝒎
𝑳
𝑹𝒔
𝝎𝒑
𝝎𝒛
↑

↓↓

↓↓

↑

↓

↓

↑↑

↑↑

↓

↑

𝑹𝒇

𝑳

𝑹𝒔

𝝎𝒑

𝝎𝒛

↑

↓

↓

↑

↓↓

↓

↑

↑

↓

↑↑

Once M11 and M12 sizes are determined to achieve the necessary inductance values, the next
design step is to minimize the series resistance of the equivalent RF network in an effort to further
increase the quality factor of the active inductor. In the DAI network shown in Figure 5-7,
transistors M13 and M14 form the negative resistance network and they are customarily sized to
be identical with equal transconductance. Since sources of the active inductor transistors and drains
of the negative resistance transistors are connected to each other (e.g., M11 and M13), they are
biased with the same current. Therefore, the smallest bias current (i.e., 850 μA) used to tune the
inductor results in the largest absolute value of negative resistance as can be observed in (4.6) with
the opposite occurring for the largest bias current (i.e., 2.7 mA). Hence, transistors M13 and M14
are sized to produce a negative resistance to minimize the series resistance of the network under
the 850 μA bias current condition. Specifically, the transistor sizes were determined in a way to
keep the total series resistance of the entire all-pass network slightly above zero (~5 Ω) in order to
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increase the quality factor while retaining a positive resistance margin to prevent the occurrence
of oscillations due to fabrication tolerances. Stability simulations were also conducted and 𝑅𝑑 of
100 Ω was added to the network to ensure unconditional stability. It is important to note that
addition of 𝑅𝑑 does not impact the 𝑄 performance as it is in parallel with the total series resistance.
Since the negative resistance circuit is also in parallel with the active inductor, it has a minimal
impact on the inductance value and its frequency behavior.
Once the above procedure is completed for achieving the inductance tuning range at the center
frequency, the entire tunable active inductor circuit must be investigated for its frequency
dependent behavior. This observation reveals that the frequency range should be enhanced by
introducing the feedback resistors 𝑅𝑓 shown in Fig. 5-7 as described in Chapter 4. Since the
feedback resistors change the voltage attenuation factor 𝛼, the achievable inductance tuning range
is also impacted as indicated by (4.7). Moreover, the desired inductance tuning per control voltage
is not identical across the frequency band as already mentioned. This necessitates parametric
studies and optimizations to achieve the desired inductance tuning across the operation bandwidth
while maintaining the quality factor and stability performance. The value of 𝑅𝑓 was determined as
70 Ω from simulation. Table 5.2 shows the transistor sizes of the optimized circuit.
Table 5.2
Transistor Sizes of the Optimized Tunable Active Inductor
Transistor
W/Lt, µm/µm
Number of Fingers
M11, M12

130/0.5

2

M13, M14

50/0.5

2

M15, M16

100/0.5

2
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Full-wave layout simulations were performed using the Keysight ADS Momentum suite to
account for parasitic effects. Optimization of the transistor size as mentioned previously resulted
in achievement of the desired tuning range of inductance over a frequency range from 1.5 GHz to
3 GHz as shown in Figure 5-8(a) for tuning voltage varying from 3.1 V to 3.5 V. Unconditional
stability was achieved with a stability factor > 1 and stability measure > 0 across the entire
frequency range. The quality factor is shown in Figure 5-8(b). It ranges from 14.8 to 17.5. These
simulation results demonstrate that this approach can be used as an alternative to passive inductors
in applications where inductance tunability is advantageous, such as in the design of tunable allpass or matching networks.
5.4 Output VGA/Buffer
The last stage of the functional block diagram consists of VGA/buffer circuits as shown in
Figure 5-9. The first block of the circuit is a common gate amplifier that provides a constant 25 Ω
load impedance to the output of the active tunable inductor loaded all-pass network. It has a
cascode to provide better isolation. Given that the input impedance of the common gate amplifier
M17 is approximately equal to 1⁄𝑔𝑚17 the impedance value can be set by adjusting bias current
and/or transistor size. The operating point is adjusted using the bias at the source terminal which
in this case is implemented by using a resistor 𝑅𝑏𝑖𝑎𝑠2 that sets the bias current of M17. The
transistor size used was W/Lt = 33 µm/0.5 µm with two fingers. 𝑅𝑏𝑖𝑎𝑠2 is selected as 700 Ω for a
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(a)

(b)
Figure 5-8. Inductance tuning range (a) and quality factor variation (b) of DAI
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(a)

(b)
Figure 5-9. Circuit schematics of the output VGA/buffer (a) and resistive network (b).

bias current of 1.2 mA. M18 and M19 are sized the same as M17 with 𝑉𝑏6 set to 1.4 V and 𝑉𝑏7 set
at 2.5 V. The second block of the circuit is another common gate amplifier similar to the first but
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with a variable resistance at the source (i.e., source of transistor M20) to tune the gain for
compensating the S21 variations across the different phase shift values. The resistive tuning
network is shown in Figure 5-9(b) and consists of four parallel resistors that can be used as RTune
by activating appropriate switches MT0-MT3 (W/Lt = 50 µm/0.5 µm with number of fingers = 2).
The different resistor values vary the bias current through the common gate amplifier M20 and can
be used to vary the voltage gain, which in a first order approximation becomes
𝐴𝑣 ≈ 𝑔𝑚20 × 𝑅3

(5.6)

Based on the resistor value chosen, the bias current varies from 0.4 mA to 3.5 mA for a voltage
gain variation from 8 dB to 15 dB. Within this range, using the 4 resistor network, 15 discrete gain
steps are available with ~0.5 dB steps. The output buffer is designed to provide a wideband 50 Ω
match at the output using the same approach pursued at the input of the common gate amplifier.
However, transistor M22 is sized as W/Lt = 20 µm/0.5 µm with number of fingers = 2 and a bias
current of 3 mA to achieve a 50 Ω output impedance. Bias current sources IB2 and IB3 are
implemented using common source transistors (15µm/0.5µm, number of fingers = 2) with external
voltage applied to the gate, both providing 3 mA bias current. The simulated performance of the
VGA/buffer layout is shown in Figure 5-10. The complete schematic of the entire phase shifter is
shown in Figure 5-11 where all components and interconnects are implemented on chip. The
simulated phase shift performance of the designed layout is shown in Fig. 5-12. Greater than 360°
phase shift is achieved across the entire frequency range with a mean gain of 11 dB and maximum
gain error of 1.5 dB. The simulated input and output return losses are >13 dB across the entire
frequency range. The all-pass network as a stand-alone unit is bidirectional which with
implementation of double-pole double-throw switches could also be used in a transceiver. The
success achieved with the simulated performance motivated the experimental verification of the
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designed phase shifter as detailed in the following section. Figure 5-13 shows the final completed
layout of the phase shifter.

(a)

(b)
Figure 5-10. Simulated gain (a) and S22 (b) of the designed VGA/buffer circuit
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Figure 5-11. Expanded circuit schematic of the phase shifter. DAI schematic is given in Fig. 7

Figure 5-12. Simulated phase shift performance from the designed layout.
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Figure 5-13. Layout of the complete phase shifter.
5.5 Experimental Verification
The phase shifter was implemented in the 0.5 μm Triquint TQPED GaAs process with a chip
size of 2.7 × 4.5 mm2 including all bias lines and bond pads (1 × 3.95 mm2 without the bond pads
(see Figure 5-14(a)). The chip is mounted on a test board (see Figure 5-14(b)) that utilizes
grounded coplanar waveguides for input/output RF excitations and narrower conductive traces for
DC bias and control. The test board is an 8.1 × 4.8 cm2 0.79 mm thick FR4 board. All traces on
the test board were fabricated using 1 oz. copper with Electroless Nickel Electroless Palladium
Immersion Gold (ENEPIG) surface finish to allow for the addition of wire bonds. The RF input
and output pads of the chip are wedge wire bonded to the test board with two parallel 18 µm
diameter gold wires to minimize the parasitic series inductance associated with the wire bonds.
The 20 pF decoupling capacitors of the circuit are implemented on chip. The test board also utilizes
1 µF 0603 and 0.1 µF 0201 sized surface mount decoupling capacitors in order to provide low
frequency filtering and a low impedance path to ground for any high frequency signals on the dc
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bias lines. 50 Ω SMA connectors are attached to both the input and output RF ports to facilitate
the measurements while the four wire gain of the VGA. The top part of the board consists of DC

(a)

(b)
Figure 5-14. Fabricated phase shifter: (a) microphotograph; (b) test board

bias connections used to bias Vb1-9 and Vcc1 in Figure 5-11 as well as to vary the tuning voltage 𝑉𝑏
of the active inductor (Figure 5-7). The gain is varied via the VGA to minimize gain errors around
the center frequency of 2.25 GHz. The VGA settings used for each phase shift state are derived
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from the circuit and layout simulations and depend on the gain variation between reference and
phase state.

(a)

(b)
Figure 5-15. Measured performance of the fabricated phase shifter: (a) Phase response and RMS
phase error; (b) Gain and RMS gain error; (c) S11 and S22.
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(c)

Figure 5-15. (Continued)
Figure 5-15(a) shows the measured phase response covering the entire 360⁰ range as well as
the RMS phase error. The input balun/180° phase shifter was set to the 0° phase shift option by
activating switch SW1 in Figure 5-11. The tuning voltage of the active inductor (𝑉𝑏 Figure 5-7)
was varied in 30 mV increments from 3.1 V to 3.5 V for phase shifts up to 180°. To achieve the
next consecutive 180° phase shift for a full 360°, switch SW2 of 180° phase shifter was activated
instead of SW1. The RMS phase error is calculated using [5.2]
1

2
𝜃∆,𝑅𝑀𝑆 = √𝑁−1 ∑𝑁
𝑖=2|𝜃𝛥𝑖 |

(5.7)

where 𝑁 is the number of phase states used to achieve a 360° phase shift and 𝜃𝛥𝑖 is the phase difference
between simulated and measured phase shift for 32 distinct phase states equivalent to a 5 bit phase
shifter. The RMS phase error ranges from 5° to 9° over the entire frequency range. Results

observed in Fig. 5-15(a) show that phase shift is not uniform across the entire frequency range.
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For instance, from 1.5 GHz to 2.0 GHz there is not coverage from approximately 150° to 180°.
However, it should be remarked that the presented design is a continuous phase shifter and finer
phase tuning can be achieved with smaller voltage increments. In addition, it is important to note
that a more robust solution could also be achieved by cascading another all-pass network stage and
designing these all-pass networks for different center frequencies within the 1.5 GHz to 3 GHz
frequency range. This cascading approach would decrease the inductance requirements and result
in a flatter phase response, but would also require larger chip area and power consumption. Figure
5-15(b) shows the measured gain for the different measured phase shift states depicted in Figure
5-15(a) along with the average gain. The measured RMS gain error, calculated using
1

2
𝐴∆,𝑅𝑀𝑆 √𝑁 ∑𝑁
𝑖=1|𝐴𝛥𝑖 |

(5.8)

is also shown in Figure 5-15(b) where 𝐴𝛥,𝑅𝑀𝑆 is the RMS amplitude error. RMS gain error <1.5
dB was obtained. Figure 5-15(c) presents the measured S11 and S22 performances of the phase
shifter. The difference between measured and simulated gain can be attributed to additional losses
of RF traces on the test board, as these were not accounted for in simulation.
These data demonstrate that impedance matching is satisfied with >15dB return losses across the
frequency range and are independent of the phase shifter state due to the functionalities of the
active balun acting as an input buffer and VGA cascaded with an output buffer. Measured results
show an input 1 dB compression point (P1dB) of -1 dBm and -2 dBm at 1.5 GHz for the low and
high gain settings of the VGA, respectively. At 3 GHz, the measured P1dB is -1 dBm and 0 dBm
for the low and high gain settings of the VGA, respectively. As an example, Fig. 5-16 presents the
measured P1dB performance at 3 GHz for the high gain setting of the VGA and demonstrates a
P1dB value of 0 dBm. The total current consumption of the active balun, active tunable inductor
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loaded all-pass network and output VGA/buffer is 8 mA, 3.4 mA and 8 mA, respectively. The DC
supply voltage is 4 V and results in a total power consumption of 78 mW for the phase shifter.

Figure 5-16. Measured P1dB performance at 3 GHz for high gain setting.
Table 5.3 summarizes the measured performance of the phase shifter and compares it with
performances of the previously published state-of-the-art MMIC phase shifters that are tailored
towards L and S band applications. The 67% fractional bandwidth of the presented design
outperforms that of the others given in the table. Its footprint is only larger than the phase shifter
presented in reference [31]-[33]. However, as compared to these, the presented phase shifter
exhibits 10 dB gain in addition to its significantly larger bandwidth. The RMS gain error is on-par
with the other phase shifters. The RMS phase shift error is larger than desired but can potentially
be reduced in future iterations with the addition of a 90° phase shifter in conjunction with the 180°
balun already used. This design change would require less tuning range in the active inductor. The
phase shifters presented in [29] and [30] provide large gains, however they also occupy more chip
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area than the presented design. In addition, power consumption of the phase shifter in [29] is 500
mW, which is more than six times the consumption of the presented design. Measured results
show an output P1dB of 12 dBm which is similar to [29] and [30] but less than the passive design
in [31] which has 6.5 dB insertion loss. Reference [33] has an output P1dB of -27.3 dBm but
operates at a higher frequency.
Table 5.3 Performance Comparison
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Chapter 6:
Conclusion and Future Work
6.1 Summary and Conclusion
A broadband S- and L- band 4-bit all-pass passive phase shifter was designed using a
commercially available GaAs process. Each bit in the sequence consisted of three stages. Three
stages per bit was found to be necessary to provide the required phase shift over frequency and
found to be an optimum tradeoff between bandwidth, insertion loss and chip size. To compensate
for the loss in the network, wideband amplifiers were placed between the stages. The amplifiers
were designed as low noise wideband amplifiers using simultaneous noise and power match
techniques. The complete system resulted in a chip size of 6800 um x 4900 um which was the
maximum allowed by the foundry. The chip passed the initial DC test but failed the functionality
test giving acceptable results for input/output return loss but not for insertion loss and phase shift.
The root cause of the functionality test failure was caused by spiral mutual inductance and coupling
effects from the close proximity of the 60 inductors! The EM model inaccuracies and high coupling
between the inductances which are very close to each other due to compact layout caused the
difference between post layout simulation and measurement results.
To eliminate the bulky inductors in the all-pass phase shifters responsible for the failure of the
first design, a novel compact and wideband phase shifter concept based on tunable active inductor
loaded all-pass networks has been introduced and experimentally verified for potential S and L
band applications. Specifically, the presented phase shifter has 1 × 3.95 mm2 die area without bond
pads and operates within the 1.5 GHz to 3 GHz band with 10 dB gain, less than 1.5 dB RMS gain
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error and less than 9° RMS phase error. A comparison with the state-of-the-art MMIC phase
shifters operating in S and L bands demonstrates that the presented phase shifter exhibits a
remarkable bandwidth performance from a very compact footprint with low power consumption.
Although the phase shifter is implemented using a GaAs MMIC process, the concept is suitable to
be implemented on silicon processes as the functionality of the active inductors has already been
successfully verified. In addition, the compact circuit area of the presented concept is promising
to include additional all-pass network segments within the design to further increase the bandwidth
performance, potentially to cover a decade or more.
6.2 Future Work
Measured results as shown in Fig. 5-12 demonstrate the limits of achievable phase shift of the
active phase shifter. Results observed in Fig. 5-12 show that phase shift is not uniform across the
entire frequency range. For instance, from 1.5 GHz to 2.0 GHz there is not coverage from
approximately 150° to 180°. However, it should be remarked that the presented design is a
continuous phase shifter and finer phase tuning can be achieved with smaller voltage increments.
In addition, it is important to note that a more robust solution could also be achieved by cascading
another all-pass network stage and designing these all-pass networks for different center
frequencies within the 1.5 GHz to 3 GHz frequency range. This cascading approach would
decrease the inductance requirements and result in a flatter phase response, but would also require
larger chip area and power consumption. These limits are based on the limitations of the tunable
inductor to provide the required inductance. One way to improve this and obtain lower RMS phase
error for phase shifte between 90° and 180° would be to include a discrete (digital) 90° phase
shifter to function similarly to the 180° balun/phase shifter.
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This would ease the tuning

requirements on the active inductor since the maximum tuning range required would be 90° instead
of 180° as shown in Fig. 6-1.

Figure 6-1. Tuning range of active all-pass filter with digital 90° phase shifter
Polyphase RC filters are commonly used for this purpose but they are narrowband so cannot be
used in this application. One way of achieving the 90° phase shift over a wide bandwidth would
be using a coupled transmission lines. For MMIC applications, this could be implemented using
broadside couplers which make use of the different metal layers included in the design kit. A
broadside coupler was designed for proof of concept using the same TQPED GaAs process as
shown in Fig. 6-2 using the M2 and M3 metal layers. Switches at port 2 and port 3 could be
implemented as was done with the balun to control desired phase shift.

93

Figure 6-2. Broadside 90° coupler and 3D view
Simulation results of the broadside coupler are shown in Fig. 6-3 and show the broadband nature
of the design with nearly uniform phase shift across the frequency band as well as good input
match. Fig. 6-3 shown a system lineup of what the improved design would look like.
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Figure 6-3. Simulated performance of broadside coupler

Figure 6-4. System level view with broadside coupler
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Appendix A:
Design Tutorial
A.1 Passive All-Pass Filter Design
Before designing active inductor for tunable all-pass phase shifter, the required tuning range
for the inductor must be determined. This tuning range is based on design of passive all-pass phase
shifters presented below. Design equations are provided below together with sample MathCAD
worksheet (figure A-2). Refer to reference [A.1] for more detailed information on passive all-pass
phase shifters.

Figure A-1. Switched all-pass phase shifter
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Figure A-2. MathCAD worksheet
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∅𝑚
4

)

(A1)

The value of L1 and L2 obtained for phase shift up to 180° will be the values used as the limits
for tuning range of active inductor in the design steps that follow. The average of capacitor values
for C1/2 and C2/2 will be used as the value for series capacitor in all-pass network (C1/2 and C2/2
in figure A-1). The same is done for shunt capacitor, taking average value of 2C1 and 2C2 as
determined using MathCAD and using this value for the shunt capacitor (2C1 and 2C2 in figure
1).
To minimize tuning range of inductor in as effort to ease design requirements for active inductor
design, the system impedance can be decreased to a value less than 50 Ω. This can be done if the
phase shifter will be embedded with a chip and buffered at input and output.
A.2 Active Inductor Design
Once tuning range has been determined, design of tunable active inductor can be done. For a
more technical discussion on differential gm-C active inductor design, use the references [A.2][A.4].

Figure A-3. Tunable active inductor
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Figure A-3 is the schematic of the tunable active inductor described in chapter 4 and forms the
bulk of the tunable all-pass phase shifter.
1. Having determined range of inductance value needed for tunable active inductor from
passive all-pass filter design described previously, equation (A2) and equation (A3) can be
used to find range of 𝑔𝑚 values needed.
2. Use the smallest 𝑔𝑚 value to get an approximate size of transistor M1 and M2 (W/L)
knowing that:
𝑔𝑚 = √2𝐾(𝑊/𝐿)𝐼

3. Use similar size for M3, M4, M5 and M6 as a starting point.
4. Add resistor Rd and perform stability analysis to ensure unconditional stability. Vary bias
current through M1 and M2. Vary Rd value starting with small value of about 5 Ω,
gradually increasing while observing changes in stability and quality factor.
5. Simulate inductance value by varying bias current passing through M1 and M2. This is
done by varying voltage source at gate of M5 and M6. Perform over required frequency
range. Add Rf as shown in figure A-3. This will add another variable to the design. Start
with a large value (about 500 Ω) for minimal feedback and tune using equations and plot
in figure A-4 as a guide. This will affect not only inductance value but also frequency
response. CL in figure A-3 is approximated as 2𝐶𝑔𝑠 where 𝐶𝑔𝑠 is parasitic gate to source
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capacitance of M1 and M2 as shown in basic transistor model in figure A-4. Varying size
of M1 and M2 combined with 𝑔𝑚 tuning can be used to tune the design value to get the
necessary range of inductance values.
6. Use figure A-5 and table A1 as a guide to fine tune design until required inductance range
is achieved across frequency band of interest. Double arrows in table signify more rapid
change in values compared to single arrow.

Figure A-4. Basic transistor model
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Figure A-5. Frequency response of active inductor

Table A1
Effects of Varying Transconductance and Feedback Resistance on Performance of Tunable
Active Inductor

A.3 Active All-Pass Phase Shifter Design
Next step in the design is so replace inductors in passive all-pass phase shifter as shown in
figure A-1 with active inductors. The two branches controlled by switches as shown in figure A-1
are replaced with a single tunable all-pass network with active inductors as shown in figure A-6.
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Figure A-6. Replacing all-pass switch network with tunable version
Optimization of design via simulation becomes necessary here, varying parameters used
previously in active inductor design as well as values for Cseries and Cshunt in figure A-6 where Cseries
is average value of C1/2 and C2/2 and Cshunt is average value of 2C1 and 2C2 as shown in figure
A-1 and figure A-6. This is done at tuning voltage increments of about 30 mV which will
correspond to incremental phase shifts up until about 180°. Stability analysis should be done at
all bias conditions.
A.4 Active Balun Design
Detailed analysis of an active balun design can be found in reference [A.5] listed below. Figure
A-7 shows the version implemented in this design. The difference between this version and the
one in the reference is that it implements single transistor switches SW1 and SW2 at the output
of each branch of the balun. These are fed to the common source buffers (M5 and M6) that
combine the signals at the output so that instead of having two output signals, the combination of
switches and balun provide only a single output that is either 0° or 180°. The switches can be sized
appropriately through simulation to find the ideal tradeoff between isolation and insertion loss.
The buffer output impedance is controlled by bias current IB as described by the equation
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𝑍𝑜𝑢𝑡 =

1
𝑤ℎ𝑒𝑟𝑒 𝑔𝑚 = √2𝐾(𝑊/𝐿)𝐼𝐵
𝑔𝑚

Figure A-7. Active balun

A.5 VGA/Buffer Design
The VGA/Buffer design is basically a common gate cascode transistor with an output buffer
like that of active balun. The two stage design used in this work is shown in figure A-8. The
current biasing of each stage is set by Rbias2 and RTune. Given that the voltage gain of a common
gate stage is
𝐴𝑣 = 𝑔𝑚𝑀17,𝑀20 𝑥 𝑅2,3
variation of 𝑔𝑚 in the second stage for variable gain can be achieved by making R Tune a variable
resistor. Varying this value changes the bias current which in turn changes 𝑔𝑚𝑀20 . Refer to
chapter 5 of dissertation for more details on the design.
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Figure A-8. VGA/Buffer schematic
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